Investigation of Control Concepts for High-Speed Induction Machine Drives and Grid Side Pulse-Width Modulation Voltage Source Converters by Jalili, Kamran
 
 
 
 
 
Technische Universität Dresden 
 
 
 
 Investigation of Control Concepts for High-Speed 
Induction Machine Drives and Grid Side Pulse-Width 
Modulation Voltage Source Converters 
 
 
 
Kamran Jalili 
 
von der Fakultät Elektrotechnik und Informationstechnik der Technischen Universität 
Dresden 
 
zur Erlangung des akademischen Grades eines 
 
 
Doktoringenieurs 
 
(Dr.-Ing.) 
 
 
genehmigte Dissertation 
 
Vorsitzender: Prof. Dr.-Ing. habil. F. Ellinger  
Gutachter:          Prof. Dr.-Ing. S. Bernet  
 Prof. Dr.-Ing. A. Mertens                   (Leibniz Universität Hannover) 
 Dr. M. Malinowski                      (Warsaw University of Technology) 
   
 
 
Tag der Einreichung:10.11.2008                                           Tag der Verteidigung: 26.02.2009 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
  
 
 
 
 
 
 
 
Kamran Jalili 
 
 
 
 
Investigation of Control Concepts for High-Speed  
Induction Machine Drives and Grid Side Pulse-Width 
Modulation Voltage Source Converters 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
                                                                                                                                                  5 
 
 
Preface 
This thesis was written during my Ph.D. studies at the Power Electronics Group of 
Berlin University of Technology, Germany holding a DAAD scholarship. 
First of all, I would like to express my gratitude to Prof. Steffen Bernet of Dresden 
University of Technology for his ever present supports, numerous fruitful discussions, 
and encouragement throughout the period of this research. 
A special thank goes to Dr. Mariusz Malinowski from the Warsaw University of 
Technology for discussions which enhanced my knowledge. 
Furthermore, I thank Niels Weitendorf for his support in preparation of the laboratory 
set-up. Also I wish to thank Dr. Albrecht Gensior for his excellent proof-reading 
service. 
Finally, I am grateful to my wife Shirin and our son Mani for their love and patience.    
 
 
Kamran Jalili                                                                                  Berlin, February 2009  
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
 
  
                                                                                                                                                                 7 
 
Table of Contents 
Nomenclature……………………………………………………………………………. 
 
9 
1 Introduction………………………………………………………………...………... 19 
 1.1 State-of-the-art low voltage ac drives………………...…………………………. 19 
  1.1.1 Electric ac machines……………………………………………………... 20 
  1.1.2 Machine side and grid side converters…………………………………. 21 
  1.1.3 Dc-link capacitor………………………………………………………… 23 
  1.1.4 Grid side filter…………………………………………………………… 24 
  1.1.5 Overview of control strategies of induction machine drives…………….. 24 
  1.1.6 Overview of control strategies of active front end converters…………... 26 
  1.1.7 Industrial applications…………………………………………………… 27 
   
   
 
 
2 Characteristics and State-of-the-art of High-Speed Drives........………………….. 29 
 2.1 Characteristics of high-speed drives……………….……………………………. 29 
  2.1.1 Advantages………………………………………………………………. 29 
  2.1.2 Disadvantages……………………………………………………………. 30 
  2.1.3 Applications……………………………………………………………... 30 
  2.1.4 Power and speed range…………………………………………………... 31 
 2.2 State-of-the-art technology of high-speed drives………………………………... 33 
  2.2.1 Electric machines………………………………………………………... 33 
  2.2.2 Bearings………………………………………………………………….. 34 
  2.2.3 Converter………………………………………………………………… 34 
  2.2.4 Control…………………………………………………………………… 36 
 2.3 Subject, motivation, and structure of the thesis…………………………………. 37 
     
     
3 Control of High-Speed Induction Machines………...……………………………... 41 
 3.1 Definition of an exemplary high-speed induction machine drive……………….. 41 
 3.2 Mathematical description of induction machines……………………………….. 42 
 3.3 Field orientation…………………………………………………………………. 45 
  3.3.1 Flux vector estimation using stator voltages and currents………………. 48 
  3.3.2 Flux vector estimation using stator currents and rotor speed……………. 49 
 3.4 Field oriented control of induction machines…………………………………… 52 
  3.4.1 Comparison of RFOC, MFOC, and SFOC…………..…………..……… 53 
  3.4.2 Indirect RFOC with PI current and speed controllers...…………………. 57 
 3.5 Direct torque control of induction machines……………………………………. 67 
  3.5.1 Control of stator flux and electromechanical torque…………………….. 69 
  3.5.2 Speed control loop………………………………………………...……... 71 
 3.6 Comparison of indirect RFOC and DTC for the exemplary high-speed 
induction machine ………………………………………………………………. 
 
72 
8                                                                                                                                                                  TABLE OF CONTENTS 
  3.6.1 Simulation results………………………………………………………...  72 
  3.6.2 Experimental investigations of the indirect RFOC……….……………... 81 
 3.7 Comparison of 2L VSC and 3L-NPC VSC for the high-speed induction 
machine drive with RFOC………………………………………………………. 
 
86 
  3.7.1 Converter design………………………………………………………… 88 
  3.7.2 Investigation of simulation results………………………………………. 90 
 
 
 
3.8 Summary………………………………………………………………………… 
 
93 
4 PWM Active Front End Converters………………………………………………... 95 
 4.1 Advantages and disadvantages of PWM active front end converters…………… 95 
 4.2 Mathematical description of PWM active front end converters………………… 96 
 4.3 Selection of control strategy…………………………………………………….. 100 
 4.4 Voltage-oriented control of PWM active front end converters…………………. 103 
  4.4.1 d-q model of PWM active front end converters with L-filter…………… 103 
  4.4.2 Structure of the applied PLL…………………………………………..… 106 
  4.4.3 PI-based current control……………………………………………….… 108 
  4.4.4 PI-based dc-link voltage control……………………………………….... 110 
  4.4.5 Performance investigation of the voltage-oriented controlled PWM 
active front end converters at symmetrical sinusoidal grid voltage……... 
 
113 
  4.4.6 Influences of the grid voltage distortions on the steady-state 
performance of voltage-oriented control…………………………..…….. 
 
116 
   4.4.6.1 Performance of the current control loop of VOC for a distorted 
grid………………………………………………………...….... 
 
119 
   4.4.6.2 Simulation and experimental results……………………...……. 122 
 4.5 Input filter design for PWM active front end converters…………………...…… 126 
  4.5.1 L-filter design procedure……………………………………...…………. 127 
  4.5.2 LCL-filter design procedure………………………………………...…… 134 
 4.6 Control of PWM active front end converters with LCL-filter………...…...……. 144 
  4.6.1 Simulative investigations……………………………………………..…. 150 
  4.6.2 Experimental investigations………………………………………...…… 154 
  4.6.3 Robustness of the current control loop………………………………...… 158 
 
 
 
4.7 Summary……………………………………………………………………...…. 158 
5 
 
 
Conclusions…………………………………………………………………..………. 
 
161 
Bibliography……………………………………………………………………...……… 165 
     
 
9 
 
Nomenclature 
List of Acronyms and Names 
Acronym / Name Meaning 
ACM electric ac machine 
AL-E-C aluminium electrolytic capacitor 
ARS asymmetrical regular sampling  
ARS-PWM asymmetrical regular sampling pulse-width modulation  
ARS-ZSS-PWM asymmetrical regular sampling pulse-width modulation with added 
third harmonic 
DCMLC diode clamped multilevel converter 
DPC direct power control 
DPF displacement power factor 
DSC direct self control 
DSP discrete signal processor 
DTC direct torque control 
DTC-SVM direct torque control with space vector modulation 
FC film capacitor 
FCMLC flying capacitor multilevel converter 
FOC field-oriented control 
GC grid side converter 
HSM high-speed electric machine 
HSIM high-speed induction machine 
HSIMD high-speed induction machine drive 
IGBT insulated-gate bipolar transistor 
IM induction machine 
MC machine side converter 
MFOC magnetizing-flux-oriented control 
NG grid neutral point 
NM machine neutral point 
NP dc-link midpoint  
PLL phase-locked loop 
PMSM permanent magnet synchronous machine 
PWM pulse-width modulation 
RESR equivalent series resistance 
RFOC rotor-flux-oriented control 
SFOC stator-flux-oriented control 
SM synchronous machine 
SRS symmetrical regular sampling 
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List of Acronyms and Names 
SRS-PWM symmetrical regular sampling pulse-width modulation  
SRS-ZSS-PWM symmetrical regular sampling pulse-width modulation with added 
third harmonic 
SVM space vector modulation 
THD total harmonic distortion 
UPF unity power factor 
V-DPC voltage-based direct power control  
VF-DPC Virtual-flux-based direct power control 
VFOC Virtual-flux-oriented control 
VOC voltage-oriented control 
VSC voltage source converter 
xMC terminal of machine side converter (x = a, b, c)  
xGC terminal of grid side converter ( x = a, b, c) 
2L VSC two-level voltage source converter 
3L-NPC VSC three-level neutral-point-clamped voltage source converter 
4 6Q B C−  4 quadrant thyristor converter 
 
 
 
 
Generic Variable Usage Conventions 
Variable 
Format 
Meaning 
x  instantaneous value of quantity x 
x  estimated value of  quantity x 
x  average value of quantity x in a sampling time  
ˆ,X X  rms value and amplitude of quantity x 
1 1
ˆ,X X  rms value and amplitude of fundamental component of quantity x 
ˆ,h hX X  rms value and amplitude of harmonic components of quantity x 
YxG  complex vector in Y coordinate system (Y = S (stator), Y = R (rotor), Y = SSψG  
(stator flux vector), Y = SRψG  (rotor flux vector), Y = SgψG  (air gap flux vector), 
PCCv
G
 (grid voltage vector at PCC), Y = K (arbitrary coordinate system))  
1
YxG  complex vector of fundamental components in coordinate system of Y 
,Y Yx xα β  real and imaginary components of 
YxG  in a stationary coordinate system of Y 
1 1,
Y Yx xα β  real and imaginary components of 1
YxG  in a stationary coordinate system of Y 
,Y Yd qx x  real and imaginary components of Yx
G
 in a rotating coordinate system of Y 
1 1,
Y Y
d qx x  real and imaginary components of 1
YxG  in a rotating coordinate system of Y  
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Specific Variable Usage Definitions  
Variable Meaning 
acc damping factor of current control loop 
afc damping factor of flux control loop 
aPLL PLL damping factor  
asc damping factor of speed control loop 
avc damping factor of voltage control loop of VOC 
Asw,on,T, Bsw,on,T IGBT loss coefficients for turn-on 
Asw,off,T, Boff,xT IGBT loss coefficients for turn-off 
Asw,rec,D, Bsw,rec,D diode recovery loss coefficients  
Acond,x, Bcond,x conduction loss coefficients (x = T, D) 
,α β  real and imaginary axes of stationary reference frame 
cos( )Mϕ  induction machine power factor at nominal load 
Cdc dc-link capacitance 
CF capacitance of LCL-filter 
D diode 
Dxj diodes, (x = a, b, c), ( j = 1, 2 for anti parallel diodes of 2L VSC,  
j = 1, 2, 3 ,4 for anti parallel diodes of 3L-NPC VSC, and  j = 5, 6 
for NPC diodes) 
s
dψ  output of flux hysteresis controller 
emT
d  output of torque hysteresis controller 
Eloss,sw,on,T,Eloss,sw,off,T turn-on and turn-off loss energy of IGBT 
Eloss,sw,rec,D recovery loss energy of diode 
Eloss,sw,x total switching loss energy (x= T, D) 
s
eψ  stator flux error 
emT
e  torque error 
f0M rated input frequency of machine  
f0,MC fundamental output frequency of machine side converter 
fC carrier frequency 
fres resonance frequency of LCL-filter 
fG frequency of grid variables 
fs sampling frequency 
fs,cc sampling frequency of current control loop 
fs,DTC sampling frequency of torque and stator flux control loop in DTC 
fs,fc sampling frequency of flux control loop 
fs,sc sampling frequency of speed control loop 
fsw, fsw,average switching frequency, average switching frequency  
Gd,cc (s) transfer function of current control loop delay 
Gd,t(s) transfer function of total delay (processing delay + PWM delay) 
Gcl,cc(s) closed loop transfer function of current control loop 
Gol,cc (s) open loop transfer function of current control loop 
Gol,sc (s) open loop transfer function of speed control loop 
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Specific Variable Usage Definitions 
h harmonic order 
s
Hψ  hysteresis band of flux controller 
emT
H  hysteresis band of torque controller 
Ib,M base current of machine side per unit system 
Ib,G grid base current 
dcC
i  current of dc-link capacitor 
IC,n nominal collector current in IGBT 
,dc GCi  dc-link current of grid side converter 
,dc MCi  dc-link current of machine side converter 
,dc ffi  feed-forward dc current in voltage control loop of VOC 
IF,n nominal forward current in diode 
IG grid rms current  
,1Gi  fundamental component of grid phase current 
IG,n rated grid rms current 
,G yi  real and imaginary components of grid current vector in stationary 
coordinate system (y = α, β) 
,( 2),0,%
ˆ
fG m
I −  amplitude of the (mf - 2)
th grid current harmonic at no load condition 
in percent of rated fundamental component 
,( 2), ,%
ˆ
fG m n
I −  amplitude of the (mf - 2)
th grid current harmonic in percent of 
fundamental component at rated load condition 
,( 2), ,%
ˆ
fG m desired
I −  desired amplitude of the (mf  - 2)
th grid current harmonic in percent 
of fundamental component (e.g. according to IEEE-519) 
, ,GC dq hi
G
 grid side converter current harmonic vector in rotating reference 
frame 
,GC hi
G
 space vector of hth order grid side converter current harmonic, 
,
, ,
ˆ iGC hj
GC h GC hi I e
θ= GG  
,GˆC hI  amplitude of h
th order grid side converter current 
,GC xi  phase current of grid side converter ( x = a, b, c) 
,GC yi  real and imaginary components of grid side converter current vector 
in stationary coordinate system (y = α, β) 
,G xi  grid phase current ( x = a, b, c) 
,
PCCv
GC yi
G
 direct and quadrature components of grid side converter current 
vector in rotating coordinate system (y = d, q) 
,maxrˆippleI  maximum amplitude of converter current ripple 
( ,max 1ˆ max ( ) ( )rippleI i t i t= − ) 
IS rms stator current 
IS,n rms rated stator current 
iS,x stator current ( x = a, b, c) 
,
K
S yi  direct and quadrature components of stator current in an arbitrary 
coordinate system K ( y = d, q) 
,
K
S yi
∗  reference values of stator current in rotating coordination k ( y =d, q) 
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Specific Variable Usage Definitions 
4 - 6 ,Q B C xi  input ac phase current of thyristor converter ( x = a, b, c)   
J moment of inertia 
( )J xμ  Bessel function of variable x 
kll, αll,Td parameters of Lead-Lag compensator 
KP proportional gain 
KP,cc proportional gain of current PI controller 
KP,fc proportional gain of flux PI controller 
KP,PLL proportional gain of PLL PI controller 
KP,sc Proportional gain of speed PI controller 
KP,vc Proportional gain of voltage PI controller 
KPWM proportional gain of power converter 
LF inductance of L-filter 
LF,G grid side LCL-filter inductance 
LF,G,t grid side LCL-filter total inductance, LF,G,t = LF,G + LG 
LF,GC LCL-filter inductance of grid side converter  
LF,t total inductance of L-filter,  LF,t = LF+ LG 
LF,max upper limit of L-filter inductance 
LG grid stray inductance 
LlS stator leakage inductance 
LlR rotor leakage inductance in stator side 
LM mutual inductance 
LR rotor inductance 
Ls,4Q-B6C inductance of input L-filter of thyristor converter 
LS stator inductance 
M,  M0,  Mn modulation depth, no load modulation depth, and nominal load 
modulation depth (M  = amplitude of reference signal / amplitude of 
carrier signal, M0 = 2√2VG,1 / Vdc) 
mf modulation index (mf  = fC / frequency of reference signal) 
n integer coefficient 
nb base mechanical speed 
nn nominal speed of induction machine 
nsyn synchronous speed of induction machine 
nx number of devices; x= T (for IGBT), x= D (for diode)  
PGC,PCC input active power of grid side converter at PCC 
Ploss,cond total conduction loss power  
Ploss,cond,x conduction loss power of device x (x= T, D) 
Ploss,sw total switching power loss  
Ploss,sw,x switching power loss of device x (x= T, D) 
Pmech,n nominal mechanical power of induction machine 
Psw switching power loss 
qGC,PCC input reactive power of grid side converter at PCC 
r inductance split factor of LCL-filter  
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Specific Variable Usage Definitions 
Rd damping resistance of LCL-filter 
RF resistance of L-filter 
RF,G grid side LCL-filter resistance 
RF,GC LCL-filter resistance of grid side converter  
RF,G,t grid side LCL-filter total resistance, RF,G,t = RF,G + RG 
RF,t total resistance of L-filter,  RF,t = RF+ RG 
RG grid resistance 
RR rotor resistance in stator side 
RS stator resistance 
Rth-ch,x thermal resistance of case-heat sink (x = T, D) 
Rth-ch thermal resistance of case-heat sink  
Rth-jc,x thermal resistance of junction-case (x = T, D) 
,GC xS  switching states of grid side 2L VSC ( x = a, b, c) 
,GC xS  average value of switching states ,GC xS  ( x = a, b, c) 
,GC yS  real and imaginary components of grid side converter switching 
state vector in stationary coordinate system (y = α, β) 
,
PCCv
GC yS
G
 direct and quadrature components of grid side converter switching 
state vector in rotating coordinate system (k = PCCv
G , y = d, q) 
,
PCCv
GC yS
G
 average values of ,PCC
v
GC xS
G
 ( y = d, q) 
SS installed switch power 
T Transistor 
T1 fundamental time period 
TC carrier period 
Td time delay 
Tem electromechanical torque 
Tem,av average electromechanical torque  
Tem,b base electromechanical torque  
,eˆm hT  amplitude of h
th order harmonic of Tem 
Tem,n nominal electromechanical torque 
Tem,pull-out pull-out electromechanical torque 
Th heat sink temperature 
Ti integrator time constant of PI controller 
Ti,cc integrator time constant of current PI controller 
Ti,fc integrator time constant of flux PI controller 
Ti,PLL integrator time constant of PLL PI controller 
Ti,sc integrator time constant of speed PI controller 
Ti,vc integrator time constant of voltage PI controller 
Tμp processing time 
Tj,max junction maximum temperature 
Ts,cc sampling interval of current control loop 
Ts,DTC sampling interval of torque and stator flux control loop in DTC 
Ts,fc sampling interval of flux control loop 
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Specific Variable Usage Definitions 
Ts,PLL sampling interval of PLL 
Td,PWM time delay of sampled waveform in a regular sampling 
Ts,sc sampling interval of speed control loop 
Txj IGBTs; (x = a, b, c), ( j = 1, 2 for 2L VSC and j = 1, 2, 3 ,4 for 
3L-NPC VSC) 
Si
THD  total harmonic distortion of stator current 
emT
THD  total harmonic distortion of electromechanical torque 
Vb,G grid base voltage 
Vb,M machine base voltage  
VCE,n nominal collector-emitter voltage (blocking capability) 
VCE,T IGBT on-state collector-emitter voltage 
Vcom commutation voltage 
Vcom@100fit commutation voltage for a cosmic ray withstand capability of 
100FIT 
Vdc dc-link voltage 
Vdc,n nominal dc-link voltage  
VF,D diode on-state anode-cathode voltage 
,1Gv  fundamental component of grid phase voltage 
,G xv  grid phase voltage ( x = a, b, c) 
,G yv  real and imaginary components of grid voltage vector ( y= α, β) 
, ,G ll xv  grid line-to-line voltage ( x = a, b, c) 
VG,ll rms line-to-line grid voltage  
VG,ll,n rated rms line-to-line grid voltage  
Gv
G  grid voltage vector 
,GC yv  real and imaginary components of converter output voltage vector,  
( y = α, β) 
,GC xv  output phase voltage of grid side converter ( x = a, b, c) 
,
PCCv
GC yv
G
 direct and quadrature components of grid side converter output 
voltage vector in rotating coordinate system (y = α, β) 
*
,GC xv  reference voltage of grid side converter ( x = a, b, c) 
*
,
PCCv
GC yv
G
 direct and quadrature components of grid side converter reference 
voltage vector in rotating coordinate system (y = α, β ) 
,
PCCv
GC yv
G
 average values of direct and quadrature components of grid side 
converter output voltage vector in rotating coordinate system  
(y = α, β) 
,GC hv
G  space vector of hth order grid side converter output voltage 
harmonic, ,, ,ˆ
vGC h
j
GC h GC nv V e
θ= GG  
,GˆC nV  amplitude of h
th order grid side converter output voltage harmonic  
GCv
G  output voltage vector of  grid side converter  
, ,GC dq hv
G  grid side converter output voltage harmonic vector in rotating 
reference frame 
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Specific Variable Usage Definitions 
, nˆV μ  amplitude of converter output phase voltage harmonic (n is carrier 
band number and μ is number of side band) 
,PCC xv  phase voltage at PCC, ( x = a, b, c) 
,PCC yv  real and imaginary components of PCC voltage vector, ( y = α, β) 
,
PLL
PCC yv  direct and quadrature components of the PCC voltage vector in the 
rotating reference frame of PLL, ( y= α, β) 
,
PCCv
PCC yv
G
 direct and quadrature components of PCC voltage vector in rotating 
coordinate system ( y = α, β) 
,PCC llV  rms value of line-to-line voltage at PCC 
,PˆCC hV  amplitude of h
th order PCC voltage harmonic 
,PCC hv
G  space vector of hth order PCC voltage harmonic, ,, ,ˆ vPCC h
j
PCC h PCC hv V e
θ= GG  
, ,PCC dq hv
G  voltage harmonic vector of PCC in rotating reference frame 
VRRM rated repetitive peak reverse voltage of diodes 
vS, x stator phase voltage ( x = a, b, c) 
v*S, x reference stator voltage ( x = a, b, c) 
vS,ll, x stator line-to-line voltage ( x = a, b, c) 
VS,ll rms stator line-to line voltage 
VS,ll,n rated rms stator line-to line voltage 
, ,
K
S y controlv  output of current controllers of FOC in coordinate system K  
( y = d, q) 
, ,
K
S y decouplingv  output of decoupling circuit of FOC in coordinate system K 
( y = d, q) 
Vo,x threshold voltage (x = T, D) 
4 - 6 , ,  Q B C ll xv  input line-to-line voltage of thyristor converter ( x = a, b, c)    
Zp number of pole pairs 
δ  torque angle  
pmϕ  phase margin 
gψ  amplitude of air gap flux vector 
,g nψ  nominal amplitude of air gap flux vector 
,g xψ  phase linkage flux in air gap ( x = a, b, c) 
Rψ  amplitude of rotor flux vector 
,R nψ  nominal amplitude of rotor flux vector 
,R xψ  phase linkage flux of rotor ( x = a, b, c) 
Sψ  amplitude of stator flux vector 
,S nψ  nominal amplitude of stator flux vector 
,S xψ  phase linkage flux of stator ( x = a, b, c) σ  total leakage factor 
Rσ  rotor leakage factor 
Sσ  stator leakage factor 
Kρ  rotation angle of coordinate reference frame K 
Mρ  rotation angle of rotor 
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Specific Variable Usage Definitions 
S
Sψρ G  rotation angle of the coordinate reference frame fixed on stator flux 
vector 
S
gψρ G  rotation angle of the coordinate reference frame fixed on air gap flux 
vector 
S
Rψρ G  rotation angle of the coordinate reference frame fixed on rotor flux 
vector 
P C Cv
ρ G  rotation angle of the coordinate reference frame fixed on 
fundamental component of PCC voltage vector  
DTDτ  approximated time constant of the torque control loop in DTC   
Rτ  rotor time constant  
Rlτ  rotor transient time constant  
Sτ  stator time constant  
PCCV
θ  phase angle of  ,PCC av  at 0t =  
, GC hi
θG  phase angle of hth order grid side converter current harmonic vector 
 , 0, GC hi
θ G  phase angle of hth order grid side converter current harmonic vector 
at t = 0 
, GC hv
θ G  phase angle of hth order grid side converter output voltage harmonic 
vector 
, 0, GC hv
θ G  phase angle of hth order grid side converter output voltage harmonic 
vector at t = 0 
,PCC hv
θ G  phase angle of hth order PCC voltage harmonic vector 
,0,
 
PCC hv
θ G  phase angle of hth order PCC voltage harmonic vector at t = 0 
,b Gω  grid base angular frequency  
Gω  angular velocity of grid variables vector ( 2G Gfω π= )  
ffω  feed-forward angular frequency of PLL 
Mω  rotor mechanical angular velocity 
,PLL PLLω ρ  angular frequency and angle of PLL rotating reference frame  
Kω  angular velocity of coordinate reference frame K 
slω  slip frequency 
,sl nω  nominal slip frequency 
,sl pull outω −  pull-out slip frequency 
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Chapter 1  
Introduction 
This opening chapter introduces state-of-the-art low voltage drives. Examples of 
commercially available low voltage drives are described. Different parts of an industrial low 
voltage drive are investigated. Industrial applications of low voltage drives are briefly 
addressed.  
1.1 State-of-the-art low voltage ac drives   
Electric drives are attractive in industrial applications because of features like controlled 
starting current, controlled acceleration, adjustable operating speed, adjustable torque limit, 
reverse operation, and saving of energy. At first, adjustable ac drives were applied in 
processing industries, such as plastics and textiles. AC drives equipped with field-oriented 
control (FOC) or direct torque control (DTC) also started to replace dc drives in industries 
requiring good dynamic performance, such as machine tools, robotics, and metal rolling. 
Low voltage ac drives are used in widespread applications in which there are mechanical 
equipments powered by low voltage ac motors. Commercially available low voltage ac drives 
(e.g. offered by ABB and Siemens) cover a wide power range (x100 W to 5 MW) and 
industrial line-to-line voltages up to 690V. ABB low voltage converters vary widely from 
component drives (0.18 to 4 kW, 110 - 480 V) to high power drives (e.g. ACS800-07-2900-7, 
2300 kW, 525-690 V)  [134]. Siemens products also comprise a wide variation from low 
voltage low power ac converters (e.g. MICROMASTER 410, 0.12 to 0.55 kW, 100 - 120 V) 
to low voltage large ac converters (e.g. SINAMICS S120, 1.6 - 4500 kW, 380 - 690 V)  [146]. 
A basic structure of a low voltage drive (nominal line-to-line voltage ≤ 690 V) with voltage-
dc-link is shown in Fig. 1-1. A low voltage drive combines a low voltage electric machine  
(3~ ACM) connected to a machine side converter (MC), a dc-link with capacitor Cdc, and a 
grid side converter (GC). The GC can be connected to the grid through a filter to damp the 
current harmonics injected to the grid. Different parts of a low voltage ac drive have been 
investigated briefly in the following.  
Fig. 1-1  Block diagram of a low voltage drive 
DC
AC
AC
DC
 Electrical
AC Machine
Machine Side
Converter
Grid DC-linkGrid Side
Converter
3~
ACMCdc Filter
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1.1.1 Electric ac machines 
Electric machines are the workhorse of industry which transforms electromagnetic energy 
into mechanical energy and vice versa. Electric ac machines are advantageous to dc machines 
because:  
• ac machines require lower maintenance, 
• ac machines are smaller and less expensive than dc machines, 
• special ac machine types are more readily available at a lower cost, whenever the 
operating environment is wet, corrosive, or explosive.  
A classification of the most common applied three-phase ac machines is shown in Fig. 1-2. 
Synchronous machines (SM) and induction machines (IM) are the main groups of three-phase 
ac machines. SMs are manufactured in forms of wound rotor and permanent magnet 
synchronous machines (PMSM). IMs are available with wound rotor or squirrel cage rotor 
and different design classes  [17]. 
Wound-Rotor SMs have a low starting torque and require dc current for excitation. Wound-
rotor SMs are generally used for large motor-generators sets, air compressors and similar 
applications, which permits starting under a light load. These machines are used particularly 
in the large power systems, because of their inherent ability to improve the system power 
factor. 
PMSMs are a type of SM with a three-phase stator and the rotor of PMSMs has surface-
mounted permanent magnets. PMSMs are manufactured without a commutator, so they are 
more reliable than dc machines. These machines generate the rotor magnetic flux with rotor 
magnets so they are more efficient than IMs. Consequently, PMSMs are used in appliances 
which require high reliability and efficiency like refrigerators, washing machines, 
dishwashers, etc. PMSMs produce high torques with a relatively small diameter rotor. This 
yields high torque to inertia ratios and power to size ratios.  
Wound-Rotor (slip ring) IMs have a three-phase stator and a three-phase rotor. Windings on 
the rotor are terminated to a set of slip rings for connection to external resistors. By inserting 
different values of resistances in the rotor circuit, various performance characteristics of IM 
can be obtained. The slip ring IMs enable the starting characteristics of the motor to be 
Fig. 1-2  Classification of the most common applied three-phase ac machines 
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controlled to suit the load. One of the disadvantages of the slip ring motors is that the slip 
rings and brushes need regular maintenance and the external resistors cause additional losses.  
Squirrel-Cage IMs are the most simple and reliable electric machines. Squirrel-cage IMs are 
simple in structure and require very low maintenance. There are a number of design 
classifications of squirrel-cage IMs particularly applied to the rotor design. These design 
classifications affect the starting characteristics of the motors and are distinguished by 
different starting and pullout torque  [17]. High production volumes for the squirrel-cage IM 
and lack of magnets make it considerably less expensive than the PMSM. 
IMs are available with power ratings up in the megawatt range. Due to straightforward 
construction, low cost,  reliable operation, easily found replacements, and variety of mounting 
styles, squirrel-cage IMs are particularly widespread.    
1.1.2 Machine side and grid side converters 
Conventional two-level Voltage Source Converters (2L VSC) with insulated gate bipolar 
transistors (IGBT) are the state-of-the-art converters of the low voltage power conversion 
market for machine side converters with voltage dc-link. In applications such as high-speed 
drives which require high switching frequencies, grid-connected and traction converters with 
a desire for smaller and lighter filter, three-level low voltage converters appear to be an 
attractive solution  [74]. Three-level converters have been implemented in the form of diode-
clamped multilevel converter (DCMLC) known as neutral point clamped voltage source 
converter and flying-capacitor multilevel converters (FCMLC). The three-level neutral-point-
clamped voltage source converter (3L-NPC VSC) is preferred because of more complex start-
up routine and a higher expense of capacitors of FCMLC  [74]. A 2L VSC and a 3L-NPC VSC 
are shown in Fig. 1-3 (a) and (b), respectively. T and D are abbreviations for IGBT and diode. 
Vdc denotes the dc-link voltage.   
Fig. 1-3  Block diagram of machine side voltage source converters with voltage dc-link: (a) a 2L 
VSC; (b) a 3L-NPC VSC 
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The three-phase diode front end rectifier is one of the most common grid side converters 
which allow only unidirectional power flow. Diode rectifiers are interesting in industry due to 
advantages like simple structure and low cost. However, the diode rectifier results in 
uncontrollable power factor and low order grid current harmonics. A block diagram of the 
diode rectifier is shown in Fig. 1-4 (a). Active front end converters with the capability of 
bidirectional power flow are mainly applied in the drive applications with a high share of 
regenerative operation (e.g. elevators) and utility applications such as distributed power 
generation systems. 2L VSCs are the commonly applied topology in active front end 
converters. A 2L VSC active front end converter connected to the grid with a grid stray 
inductance of LG and grid resistance of RG is presented in Fig. 1-4 (b). Furthermore, the 3L-
NPC VSC is an attractive topology for active front end converters in applications with 
Fig. 1-4  Block diagram of grid side three-phase converters: (a) a diode rectifier (passive 
rectifier); (b) an active front end converter with a 2L VSC; (c) an active front end converter with a 
3L-NPC VSC  
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medium to high switching frequencies  [74].  
An active front end converter based on a 3L-NPC VSC is shown in Fig. 1-4 (c). The grid 
phase voltage is denoted as vG,a.  
A classification of three-phase low voltage levels, required dc-link voltage, and corresponding 
IGBT voltage classes for a 2L VSC applied for the machine side converter and the grid side 
active front end converter is given in Table 1.1. The dc-link voltage values are determined 
supposing that the converter is controlled by an asymmetrical regular sampled sine-triangle 
modulation with one-sixth third harmonic  [74].  
1.1.3 DC-link capacitor  
Aluminium electrolytic capacitors (AL-E-Cs) and film capacitors (FCs) are state-of-the-art 
power capacitors used as dc-link capacitors in industrial drives with voltage dc-link  [20].  
Al-E-Cs apply the oxidant of aluminium layer which provides a high dielectric constant. The 
anode of Al-E-Cs is formed by an aluminium foil and the cathode is a conductive liquid 
 [137]. Dielectric properties of the oxide impose a limit to the maximum voltage of these 
capacitors. Al-E-Cs are practically available with nominal voltages up to 600 V  [88]. For 
applications with higher nominal voltage, electrolytic capacitors must be connected in series. 
The main advantage of Al-E-Cs which has led to their wide industrial application is their high 
volumetric efficiency (capacitance / volume). These capacitors feature a significant variation 
of capacitance versus the temperature  [88]. Therefore, the use of electrolytic capacitors in the 
equipments which operate in a wide range of temperatures (e.g. traction) might be impossible. 
Al-E-Cs are polar capacitors and only suitable for DC operation.  
FCs are constructed using a combination of metal foils and moralized plastic films. They are 
used for voltages above 450 V  [138]. FCs occupy considerably higher volume than equivalent 
Al-E-Cs. FCs feature a very good capacitance tolerance over the temperature range. FCs are 
not polarized capacitors and can be used for both ac and dc voltages. There are no problems 
like blow-up and dry-out which are typical for Al-E-Cs  [88],  [93]. FCs with a low-loss 
Table 1.2 
Qualitative comparison of aluminium electrolytic capacitors and film capacitors 
 Aluminium Electrolytic Capacitors  Film Capacitors 
Size, Weight poor good 
Temperature stability poor good 
Equivalent series resistance good excellent 
Failure mode poor excellent 
Cost excellent poor 
Table 1.1 
Common voltage levels and required IGBT voltage classes for 2L VSC active front end converters 
in low voltage applications 
line to line rms voltage dc-link voltage IGBT voltage classes 
200–230 V 350–400 600 V 
380–460 V 700–800 1200 V 
575–690 V 1000–1200 1700 V 
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dielectric have extremely low equivalent series resistance (RESR)  [138]. This characteristic 
accounts for low capacitor losses and high current- handling capability. However, FCs also 
have some disadvantages. FCs are more expensive for lower voltages and have a much lower 
capacitance volume ratio than Al-E-Cs. A quantitative comparison between Al-E-Cs and FCs 
is presented in Table 1.2. 
1.1.4 Grid side filter   
The main objective of a grid side filter is to damp the current harmonics injected to the grid. 
Harmonic filters can be categorized into passive, active and hybrid filters  [81],  [107],  [127].  
 
While active filters use active power electronic components, passive components such as 
inductors and capacitors are used in passive filters. A hybrid filter is a combination of a 
passive and an active filter. 
L-filters (inductance-filters) are state-of-the-art grid side passive filters which connect the 
diode rectifiers or active front end converters to the grid. The main advantage of L-filters is 
their simplicity. A single phase representation of an L-filter is shown in Fig. 1-5 (a). The 
voltage vectors of the grid and the grid side converter are denoted by Gv
G and GCvG , respectively. 
The total filter inductance and the total filter resistance are represented by LF,t =LF + LG and  
RF,t = RF +RG. LF and RF are the inductance and resistance of the L-filter. In case of active 
front end converters, application of an LCL-filter (Inductance-Capacitance-Inductance-filter) 
can be an attractive solution. An LCL-filter is a combination of a grid side inductor, a 
converter side inductor, and a filter capacitor as shown in Fig. 1-5 (b). Cf is the capacitance of 
LCL-filter. The converter side inductance and resistance are denoted by LF,GC and RF,GC. The 
grid side total inductance and total resistance are given by LF,G,t =LF,G + LG and RF,G,t = RF,G 
+RG where LF,G and RF,G are the grid side inductance and resistance of the LCL-filter. In case 
of L-filter, high switching frequencies are required for a sufficient attenuation of grid current 
harmonics at a reasonable filter size and filter voltage drop  [99]. LCL-filters have an 
attenuation of 60 dB/decade for grid current harmonics above the resonance frequency while 
this attenuation is 20 dB/decade for an L-filter. The higher attenuation of LCL-filters leads to 
a lower filter total inductance compared to L-filters. Consequently, in the case of LCL-filters, 
a desirable high transient performance of the active front end converter with reasonable dc-
link voltage is achievable  [107]. In the industrial grids, L-filters are usually applied. In 
applications where grid current harmonics should be attenuated significantly to achieve 
compliance with the grid standards (e.g. IEEE-519), LCL-filters are more advantageous than 
L-filters.      
1.1.5 Overview of control strategies of induction machine drives 
As mentioned in Section  1.1.1, IMs, particularly squirrel cage IMs, are very popular in 
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Fig. 1-5  Single phase representation of the grid side filters: (a) L-filter; (b) LCL-filter 
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industrial applications because of well-known advantages like ruggedness, reliability and low 
cost. In this section an overview of different control strategies of squirrel cage IMs and the 
state-of-the-art control techniques are presented. 
A classification of IMs control methods is shown in Fig. 1-6   [47]. IMs control strategies are 
mainly divided into two main methods: scalar control and vector control. In scalar control 
methods with V/f = const. for drive with impressed stator voltage and Is = f(ωsl) for drives 
with impressed stator current (Is is the stator current and ωsl denotes the slip angular 
frequency) amplitude and frequency of the stator voltage, stator current and linkage flux are 
adjusted. There is no control of the position of the flux vector. Therefore, scalar methods do 
not provide a high performance, especially during transients. Nevertheless these control 
methods are very simple to implement and popular for many applications (e.g. fans) in which 
no high transient performance is required. 
In vector control based strategies amplitude, angular frequency and position of voltage, 
current and flux vectors are to be adjusted. Vector control is based on the dynamic model of 
IM and therefore results in a high performance dynamics of torque and speed. Vector control 
is implemented in different ways. FOC and DTC are often used in induction machine drives 
with high dynamics performance. 
 In FOC (proposed in the early 1970s) motor equations are usually transformed into a 
coordinate system that rotates in synchronism with the rotor flux vector (rotor-flux-oriented 
Fig. 1-6  Classification of control strategies for induction machines  [47]  
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control (RFOC)) or the stator flux vector (stator-flux-oriented control (SFOC)). In RFOC, 
there is a linear relationship between control variables and the motor torque  [10],  [19],  [55]  
and there is no pull-out torque. Therefore RFOC is very popular in industry (e.g. high 
performance induction machine drives of Siemens). RFOC can be implemented by direct 
 [46], and indirect  [53] methods which will be described in chapter 3. 
DTC was introduced in the mid 1980s. DTC was implemented with hexagonal flux trajectory 
(Depenbrock)  [51] and circular flux trajectory (Takahashi)  [73]. There is no coordinate 
transformation and linearization in DTC. Hysteresis torque and flux controllers are used 
instead of linear controllers. The main features of DTC are simple structure and excellent 
dynamic performance. In classic DTC, in which the stator flux is controlled, the control 
system is independent of the rotor parameters which leads to a robust behaviour. Meanwhile, 
variable switching frequency and required high sampling frequency are the main 
disadvantages of DTC. DTC has also been recently applied in electric drives with excellent 
dynamics (e.g. high performance induction machine drives of ABB). To overcome the 
disadvantages of DTC, DTC with space vector modulation (DTC-SVM) was recently 
proposed  [21],  [47]. In DTC-SVM, linear torque and stator flux controllers are applied and 
consequently no high sampling frequency is required. Furthermore, due to the modulator, a 
constant switching frequency appears in the output of the converter. However, this method 
needs a transformation into the stator-flux-oriented coordinates and does not provide excellent 
dynamic behaviour due to a lower sampling frequency. 
1.1.6 Overview of control strategies of active front end converters 
The main goal of the control of active front end converters is to maintain the dc-link voltage 
at the required set point value providing an adjustable power factor and sinusoidal grid 
currents. Control techniques of active front end converters can be classified into two main 
groups: voltage based control and virtual-flux-based control (Fig. 1-7).  
Voltage-oriented control (VOC) and voltage-based direct power control (V-DPC) can be 
distinguished as two types of voltage based control  [111]. In VOC, grid currents are 
transformed into a coordinate system which rotates synchronously with the grid voltage 
vector. Current components on direct d and quadrature q axis are used to control the dc-link 
Fig. 1-7  Classification of control strategies for active front end converters  [12] 
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voltage and the power factor. In V-DPC, active and reactive input powers are calculated based 
on grid voltages and currents. In a manner analogous to DTC of IMs, hysteresis controllers 
are used to control active and reactive power.   
Virtual-flux-based control methods are based on a virtual flux defined as a time integral of the 
grid voltage vector  [12],  [110]. Virtual-flux-based control strategies have the advantage of 
low-pass filtering properties of the voltage integrators and are suitable for supplies with 
distorted voltage. These control methods are implemented in forms of virtual-flux oriented 
control (VFOC) and virtual-flux-based direct power control (VF-DPC). Similar to VOC, in 
VFOC linear controllers and a modulator (pulse-width modulation (PWM) or space vector 
modulation (SVM)) are applied and the converter operates with a constant switching 
frequency. Grid currents on q and d axis are used to control the dc-link voltage and power 
factor since the flux vector lags the voltage vector by 90°. In VF-DPC, active and reactive 
powers are estimated using the grid currents and the grid virtual flux components on the 
stationary reference frame. Similar to the V-DPC, hysteresis controllers are applied to control 
active and reactive power. A linear PI controller can be used as the controller of the dc-link 
voltage. 
A comparative study of different control methods of active front end converters including 
investigations on their advantages and disadvantages is carried out in  [111]. According to 
 [111], VOC and VFOC feature a constant switching frequency and therefore require smaller 
grid side filter but they require a coordinate transformation and have a complex algorithm. V-
DPC and VF-DPC have a simple structure and realize a good dynamic performance. On the 
other hand, they require a high sampling frequency and cause variable switching frequency.          
1.1.7 Industrial applications 
Low voltage ac drives are used in a wide range of industrial applications such as process 
control and automation and are poised for substantial growth. AC drives are increasingly 
being used by manufacturing companies in order to be energy efficient. In a basic 
classification, low voltage ac drives can be categorized as industrial standard drives, servo 
drives, and high-speed drives.  
Industrial standard drives can be used in a wide range of industries. Typical applications are 
outlined in the following  [134]: 
• Air conditioning (fans, pumps, and compressors), 
• Cement industry (fans, kilns, and conveyors), 
• Chemical industry (pumps, fans, mixers, and processing lines), 
• Food and beverage branch (mixers, conveyors, centrifuges, ovens, and bottling tables),  
• Metal industry (roller tables, processing lines, and cranes), 
• Oil and gas industry (fans, pumps, centrifuges, and compressors),  
• Power plants (pumps, fans, and conveyors), 
• Textile industry (mixers, extruders, and textile machines), 
• Water treatment (pumps, compressors, and conveyors), 
• Wind power. 
Compared to standard drives, servo drives have some advantages like high dynamics and 
accuracy and compact motors with high power density. Servo drives are suitable for  
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applications for which very high precision, lower size and reliability are required. Some 
applications of servo drives are listed in the following  [134],  [139] 
• Machine tools and metal working machinery,  
• Electronics and semiconductor production machinery, 
• Measuring and testing machinery, 
• Packaging machinery, 
• Textile machinery, 
• Plastics processing machines, 
• Coiling machines. 
As compared to the standard drives, high-speed drives show several attractive characteristics 
like extensively increased power density and avoidance of mechanical gears. Replacing 
mechanical gears in direct high-speed drives  [29] is one way to realize the market trend of a 
steadily decreasing ratio of cost per function in ac drives. High-speed drives are technology 
development with increasing importance. The power range of the high-speed drives is up to 
hundred kW (e.g. 500 kW) and the speed range is up to 200,000 rpm – 300,000 rpm. Typical 
applications of high-speed drives are: 
• Machine tools, 
• Grinding and polishing machines 
• Spindle drives 
• High-speed mills, 
• Compressors, 
• Turbo compressors 
• Centrifugal compressors 
• Pumps, 
• Centrifugal pumps 
• Turbo-molecular pumps 
• Vacuum pumps 
• Blood pumps 
• Fans, blowers, 
• Generators of microturbines and gas turbines for cogeneration systems, 
• Flywheel energy storage systems. 
Characteristics and state-of-the art of high-speed drives and the subject and motivation of this 
thesis are considered in the next chapter. 
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Chapter 2 
Characteristics and State-of-the-art of   
High-Speed Drives 
High-Speed Drives (HDSs) are a technology development with increasing importance. HSDs 
have interesting characteristics like increased power density and the avoidance of mechanical 
gears. These advantages are counterbalanced by disadvantages like strong centrifugal forces 
on the rotor and increased converter and machine losses. A block diagram of the power part 
of a low voltage high-speed drive with voltage dc-link is shown in Fig. 2-1. A low voltage 
high-speed drive comprises a high-speed machine (e.g. PMSM or IM), a machine side 
converter (e.g. 2L VSC or 3L-NPC VSC), a dc-link, and a grid side converter which has been 
briefly described in the previous chapter.  
Advantages, disadvantages, and some details of selected applications of HSDs are 
investigated in this chapter. Power and speed range of HSDs are shown. Moreover, state-of-
the-art technology for high-speed electric machines, converters, and control is explained. 
Finally, the motivations and the main subject of this work and the structure of the thesis are 
addressed.  
2.1 Characteristics of high-speed drives 
2.1.1 Advantages 
The mechanical power of an electric machine is proportional to ampere conductors, magnetic 
flux per pole, and the mechanical speed. For a given machine size, ampere conductors, and 
magnetic flux per pole have limited values. Therefore, driving at high-speed is the efficient 
way to increase the output power. The aerospace industry (applying electric machines fed by a 
400 Hz supply) is a commercial example of HSDs.   
The following advantages are offered by HSDs:  
• Increase of power density,  
• Oil free design and less maintenance due to avoidance of mechanical gears, 
• Integration of drive and process (e.g. compressors, pumps, fans, etc.). 
Fig. 2-1  A block diagram of the power part of a low voltage high-speed drive 
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Some quantitative values to describe the advantages of the HSDs are presented in the 
following: 
• A 22.4 kW, 54,000 rpm drive for a centrifugal compressor is described in  [34]. The HSD 
enables an increase of the system efficiency by more than 15% and a space and weight 
reduction of 80% compared to commercial compressors. 
• A high-speed generator (131 kW, 60,000 rpm) for a microturbine is considered in  [22]. A 
weight reduction of 75 % was achieved compared to a conventional diesel generator. 
• A 1600 kW, 18,000 rpm generator for gas turbines has been investigated in  [35]. The 
mass of the high-speed generator is only 30 % of the mass of a 1600 kW, 1800 rpm 
generator. 
2.1.2 Disadvantages 
HSDs have the following disadvantages compared to standard drives: 
Electric Machines 
• Requirement for a special rotor design because of strong centrifugal forces, 
• Expensive bearings,  
• Increased hysteresis and eddy current losses due to increased stator fundamental 
frequency and decreased stray inductance  [4], 
• Increased friction losses, 
• Increased expense of cooling. 
Converter  
• High switching frequency fsw or a low ratio of fsw and fundamental frequency are required 
for an increased fundamental frequency. Increased switching frequency causes increased 
switching losses and consequently decreased converter efficiency. A low frequency ratio 
leads to higher current harmonics and therefore higher losses in the machine.   
Control 
• The required encoder for high-speed drives must have a high frequency response and 
high-speed rating. Due to reliability concerns and costs, the use of sensorless control 
schemes is recommended. Several sensorless control schemes have been proposed for 
synchronous and induction machines in the literature  [22],  [32].  
• In control of HSDs a high sampling frequency is required. Therefore, the sampling period 
is short (e.g. 33.33 μs for vector control of a high-speed PMSM with stator frequency of 
f0M = 1.2 kHz  [22]). In order to meet the required short calculation time, powerful DSPs or 
microcontrollers are usually required (e.g.  [22],  [34],  [41]).  
• Effects of the non-ideal switching behaviour (e.g. dead time) of semiconductors are not 
negligible, due to the higher fundamental and switching frequency.     
2.1.3 Applications  
Industrial applications of HSDs are introduced in the first chapter. In the following, some of 
the HSD applications are outlined with more details.  
• Microturbines  [22],  [135],  [147],  [136]: 
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Microturbines are high-speed gas turbines which operate at low pressure and temperature. 
Microturbines cover a power rage from 25 kW to 500 kW and can operate on fuels such as 
natural gas, oil, and biogas.  
Microturbines are appropriate in applications like heat-power generations, hybrid electric 
vehicles, and in electric mains for peak load shaving.  
Generator, turbine, and compressor are connected on one shaft in microturbines that rotate at 
high-speed (e.g. up to 100.000 rpm). Therefore, the high-speed drive is an essential 
technology for microturbines.  
Microturbines enable a clean and reliable production of heat and electric power offering 
electric efficiency of 30%. If heat and power are utilized, system efficiency reaches 
70%−90%.    
• High-speed compressors  [34],  [144]: 
Application of high-speed compressors offers the avoidance of mechanical gears, thus 
increasing reliability and efficiency. Moreover, a considerable reduction of weight and 
volume can be reached. 
• Machine tools  [144],  [140]: 
The main advantage of HSDs in machine tools is stress reduction in the part being machined, 
due to high metal removal with fine cuts. Furthermore, HSDs enable a wide range of speed 
control, including very high torque at low speed. 
• Spinning  [145]: 
An evident trend towards improved economy of production is rotor spinning with HSDs. 
Using air bearings in speeds up to 140,000 rpm increases the lifetime and reduces the re-
lubrication interval, compared to classical bearings.  
2.1.4 Power and speed range  
In the design of HSDs, the power and speed range is decisive. Spindle drives are used in a 
speed range of 10,000 rpm − 40,000 rpm up to several 10 kW. The drive power decreases to a 
few kW in the high-speed range (Fig. 2-2). 
The power and speed range of commercially available microturbines (e.g. 30 kW − 250 kW; 
30,000 rpm − 120,000 rpm) and compressors (e.g. 11 kW − 500 kW; 12,000 rpm − 90,000 
rpm) are depicted in Fig. 2-2. Obviously, the speed and power range of microturbines and 
compressors considerably overlaps the speed and power range of spindles.      
Fig. 2-3 shows the power and speed range of different high-speed electric machines (HSMs). 
It is evident that IMs and PMSMs dominate the considered applications. PMSMs appear to be 
the dominant HSMs, particularly in applications like microturbines, in which the system 
efficiency is very important. HSIMs are usually applied in spindle drives. 
However, reference  [15] presents research of the investigation of HSIMs for the medium 
power range (x10kW−x100 kW).    
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Fig. 2-3  Types of electric machines applied in high-speed drives  [15],  [22],  [140],  [144],  [145] 
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Fig. 2-2  Power and speed range of high-speed drives  [22],  [34],  [144],  [145] 
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2.2 State-of-the-art technology of high-speed drives 
2.2.1 Electric machines  
The main characteristics of high-speed machines are high power density and high mechanical 
stress of the rotor. Furthermore, fast switching frequency of the converter causes isolation 
stress in the stator. Low costs of material and manufacturing, a high power factor, and high 
reliability as general requirements are also valid for high-speed machines. Specific 
requirements are: 
• low losses (iron, copper, and friction) at high fundamental frequency, 
• low rotor losses particularly important, because of the difficulties of the rotor cooling, 
• liquid cooling usually applied to manage the stator losses, 
• rotor with high tolerable temperature, 
• stator isolation with high withstand capacity of dv/dt (due to converter operation). 
IMs and SMs are the main types of high-speed electric machines. PMSMs and switched 
reluctance machines (SRM) can be distinguished as the main types of high-speed SMs  [23]. 
The resulting losses for various types of high-speed electric machines ate summarized in 
Table 2.1.   
PMSMs and IMs are the most widely used high-speed drives today. In the following section, 
fundamental characteristics of these high-speed electric machines are presented. 
IMs  [34],  [28],  [38],  [33] 
Squirrel-cage IMs have been widely applied in high-speed machine tools, pumps, fans, and 
compressors. High-speed squirrel-cage IMs feature following advantages and disadvantage 
• Advantages: 
• low manufacturing costs, 
• low maintenance, 
• high temperature withstand capacity,  
• quite operation, 
• Disadvantage: 
• Rotor iron and copper losses reduce the efficiency. 
PMSMs  [22],  [27],  [34],  [39]  
Using rare earth components such as samarium and neodymium as permanent magnets makes  
Table 2.1 
Losses of high-speed drives 
 IM PMSM SRM 
Stator copper losses × × × 
Excitation copper losses    
Stator iron losses × × × 
Rotor copper losses ×   
Rotor iron losses ×  × 
Gas flow losses × × × 
Friction losses × × × 
Losses of cooling system × × × 
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it possible to use PMSMs in high-speed application, thus offering high efficiency and a high 
power factor. The high efficiency of PMSMs is the main reason to apply PMSMs in 
microturbines  [22]. Below the advantages and disadvantages of high-speed PMSMs are 
summarized 
• Advantages: 
• no rotor copper losses, 
• high power factor, 
• Disadvantages: 
• difficult manufacturing of complex rotor structure,  
• higher material costs compared to IMs, 
• limited temperature withstand capacity, 
• difficult rotor maintenance.  
2.2.2 Bearings 
Mechanical bearings are a technical problem of HSDs. Bearings limit the mechanical speed 
and have maintenance requirements. 
Air bearings and magnetic bearings are alternatives to mechanical bearings in microturbines, 
which enable a reliable operation at moderate costs  [136]. Magnetic bearings have no 
mechanical contacts and therefore do not require lubrication and feature a lower bearing 
losses compared to mechanical bearings. The increased costs and complexity are the main 
disadvantages of magnetic bearings. Magnetic bearings have been applied in many 
commercially available high-speed drives such as spindle drives, pumps, and mills.  
Another disadvantage of magnetic bearings is the increase of motor axial length. In order to 
reduce the axial shaft length of high-speed machines with magnetic bearings, the high-speed 
motor can be magnetically combined with magnetic bearings  [30]. The electric machines with 
no separate magnetic bearings (rotor is magnetically supported by the motor itself) are called 
bearingless electric machines  [25],  [37]. High-speed IMs and high-speed PMSM are produced 
applying the principles of the bearingless electric machines  [37],  [36],  [26].  
The control complexity of bearingless high-speed machines is increased due to the cross 
coupling of electrometrical torque and radial force, compared to the control of machines with 
magnetic bearings  [27].        
2.2.3 Converter 
General requirements of drive converters like low costs, high reliability and power density as 
well as moderate dv/dt are also important for high-speed drives.  
Specific requirements of the converters of high-speed drives are: 
• high fundamental frequency of converter, 
• high switching frequency for asynchronous modulation (frequency ratio  mf > 10).   
Machine side converters in high-speed drives differ from standard machine side converters, 
due to the extremely increased fundamental frequency of the high-speed machine. Grid side 
converters of high-speed drives are a standard front end converter (diode rectifiers or active 
front end converters).  
The 2L VSC with PWM is applied as a machine side converter in high-speed drives for motor 
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and generator operation. However, the use of a diode rectifier for generator application has 
been described in several publications (e.g.  [29]).  
For speed ranges of nsyn = 30,000 rpm to nsyn = 200,000 rpm for a machine with one pole pair, 
fundamental converter frequencies of f0M = 500 Hz to f0M = 3333 Hz are required. The control 
scheme (e.g. FOC and DTC) and the control platform determine the modulation type 
(synchronous or asynchronous modulation). In case of asynchronous modulation, switching 
frequency should be considerably higher than fundamental frequency (e.g. fsw >10·f0M -15·f0M). 
Therefore a 2L VSC with asynchronous modulation requires switching frequencies of          
fsw = 5 kHz to fsw = 33.33 kHz for a one pole machine and synchronous mechanical speed 
range of nsyn = 30,000 rpm to nsyn = 200,000 rpm.  
Synchronous modulation can be used to reduce the required switching frequency and the 
switching losses, which can be useful especially at high speeds. Obviously the reduced 
switching frequency causes increased current ripple and therefore increased machine losses 
and torque ripple. The required switching frequency could be decreased to e.g. fsw=3·f0M -
13·f0M applying synchronous modulation with 3-, 5-, …, 13- pulses per fundamental cycle as 
shown in Fig. 2-4.          
The 2L-VSC is the most widely applied topology for machine side converter in high-speed 
drive applications. In case of a drastically increased switching frequency e.g. in high-speed 
asynchronous modulation, the installed switch power of IGBT increases significantly for a 2L 
VSC. Therefore, a 3L-NPC VSC can be an attractive solution for high switching frequencies 
 [74],  [75]. A 3L-NPC VSC is an alternative topology to reduce these effects, especially if a 
high switching frequency is required (fsw = 10 kHz -15 kHz). The 3L-NPC VSC offers several 
attractive features like a reduction of the installed switch power, semiconductor losses, 
machine losses, voltage, and current harmonics, insulation stress of the stator windings and 
the bearing currents  [74].   
Harmonics of the converter output voltage cause eddy current losses in rotor and stator, which 
then reduces the machine efficiency. Reference  [31] shows that the efficiency of an induction 
machine fed by a 2L VSC decreased by about 2 %, compared to the efficiency of the machine 
fed by sinusoidal voltages.  
Fig. 2-4  Asynchronous and optimized synchronous PWM 
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The steep voltage transients of VSC stress the insulation of the electric machine particularly if 
long cables are used. High switching frequency required for high-speed drives worsen the 
problems, as compared to conventional drives due to the required fast switching transients. 
The common mode voltage and currents of the PWM converter causes shaft voltage and 
current. Shaft currents can flow through bearings and cause damage in mechanical bearings. 
Common mode frequencies are critical in the range of high frequencies (e.g. 50 kHz -             
5 MHz).  
Application of a sine filter between converter and high-speed machine can reduce the above 
problems. A sine filter features the following characteristics: 
• machine voltage with substantially decreased THD,  
• low current and torque ripple, 
• increase of machine efficiency.  
2.2.4 Control  
Control strategies like DTC, direct self control (DSC), and FOC have been successfully 
applied in industrial induction motor drives  [47]. The best approach is determined according 
to requirements with respect to the ratio of switching frequency and output frequency as well 
as performance requirements.  
In case of very high-speed drives (e.g. nsyn > 200,000 rpm, nsyn is the synchronous mechanical 
speed) a significantly decreased computation cycle restricts the applicable control strategies to 
scalar control. One main disadvantage of scalar control strategies is their poor starting 
dynamic performance. Modified V/f control methods are also used in control of super high-
speed drives to improve the starting performance  [24],  [40]. 
In medium high-speed drive applications (nsyn < 50,000 rpm) for which high dynamic 
performance is required (e.g. high-speed spindle drives), DTC and RFOC are the applicable 
control strategies. DTC applies hysteresis controllers to realize an instantaneous torque and 
flux control. In case of DTC, for an excellent dynamic performance with reasonable torque 
ripple, a high sampling rate (e.g. fs = 20·fsw where fs and fsw denote the sampling and switching 
frequency, respectively) is required  [47]. In standard RFOC linear PI controllers are used. 
Torque and rotor flux are indirectly controlled with stator currents. RFOC realizes a constant 
switching frequency.  
Instantaneous control of torque and flux in DTC requires a high sampling rate                    
(e.g. fs = 10·fsw - 20·fsw). Typical switching and sampling frequencies are fsw = 4 kHz and           
fs= 40 kHz today. If the sampling frequency can be increased to fs = 100 kHz using a fast 
processor, DTC is realizable for a high-speed machine with fundamental frequency of f0M  = 1 
kHz and an average switching frequency of  fsw = 10 kHz. 
In case of very high-speed drives, sensorless speed control is usually required to avoid the 
mechanical sensor  [22],  [32],  [40]. For medium high-speed drives where speed sensors are 
available, control strategies with speed sensor can be used. Application of a speed sensor is 
advantageous in the case that low-speed performance is important. 
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2.3 Subject, motivation, and structure of the thesis  
Investigation of a low voltage high-speed induction machine drives (HSIMD) is the general 
subject of this dissertation. A block diagram of the investigated HSIMD is shown in Fig. 2-5. 
A low-voltage high-speed induction machine (HSIM) with nominal synchronous mechanical 
speed of nsyn =30,000 rpm (one pole pair) is applied in the investigations (stator nominal line 
to line rms voltage VS,ll,n = 400 V and nominal mechanical power Pmech,n = 20 kW). Such a 
configuration can be applied in principle in distributed power generation systems  [22],  [135], 
 [136],  [147]. In grid-connected microturbine or high-speed gas turbine applications, the dc-
link voltage is adjusted by the grid side converter and the machine side converter regulates the 
mechanical speed.  
Furthermore, the configuration shown in Fig. 2-5 can be used e.g. in high-speed spindle drives 
in the machine tool industry (specifically in the aerospace industries, due to the requirements 
necessary for the extremely high-speed cutting of aluminium alloy for high productivity) 
 [140],  [144],  [145]. In order to obtain minimum speed and torque variations during cutting, 
high performance control system is required in high-speed spindle drives.  
The HSIMD shown in Fig. 2-5 is investigated in two main chapters of this thesis. Chapter 3 
comprises analysis and study of the HSIM control and comparison between the 2L VSC and 
the 3L-NPC VSC as machine side converter for the HSIMD.  
In chapter 4, control of the grid side converter (2L VSC) and analytical design procedure of 
the grid side filter (L and LCL) are investigated.   
Control of HSIMs 
Scalar control is usually applied in the control of high-speed drives. In this thesis, RFOC for 
the exemplary HSIM (VS,ll,n= 400 V, Pmech,n = 20 kW, nsyn,n = 30,000) is investigated for both 
symmetrical and asymmetrical regular sampling. The sampling rate is chosen to be equal to 
the switching frequency (fs = fsw) in a symmetrical regular sampling PWM (SRS-PWM) or 
twice the switching frequency (fs = 2·fsw) in an asymmetrical regular sampling PWM (ARS-
PWM)  [7]. In the second step, DTC is applied to control the HSIM. Sampling frequency and 
the hysteresis band of torque and flux control loops are chosen so that DTC and RFOC realize 
the same torque total harmonic distortion (THD).  
Fig. 2-5  Block diagram of the investigated high-speed induction machine drive 
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For high-speed drives in the mentioned speed range (nsyn,n = 30,000), speed sensors are 
available. Hence, a control system with speed measurement for both RFOC and DTC is 
investigated in this thesis.  
Finally, the required sampling frequency as well as the dynamic performance for both control 
methods for the HSIM are investigated and compared.  
Comparison of 2L VSC and 3L-NPC VSC for high-speed drives 
A detailed comparison between 2L-VSC and 3L-NPC VSC for the mentioned HSIM with 
RFOC is included in this thesis. Comparison criteria comprise maximum torque ripple, torque 
THD, installed switch power, loss distribution, and converter efficiency. 
Control of the grid side converter and design of the grid side filter 
In this thesis, VOC as a common control strategy of active front end converters  [12],  [111] is 
applied for the control of the grid side converter. In many applications, active front end 
converters operate in parallel with diode or thyristor converters. Diode and thyristor 
converters cause significant current harmonics, which lead to a distorted grid voltage at the 
point of common coupling  [98]. Steady-state performance of an active front end converter 
with VOC and L-filter for a notched grid (caused by a parallel thyristor converter) is 
investigated in this thesis. Simulation and experimental results are presented to validate the 
investigations which were carried out.  
In case of distributed power generation, current harmonics injected to the grid are strongly 
limited according to standards like IEEE-519. L-filters are usually applied to damp the current 
harmonics. LCL-filters can also be used to damp the current harmonics effectively. Design of 
an LCL-filter is a complex subject and is the subject of recent literature  [43],  [100],  [107], 
 [129]. However, a precise analytical design procedure considering the control reserve and the 
amplitudes of the grid current harmonics is not presented in recent publications and the 
literature. In this thesis, a new iterative design procedure for L-filter and LCL-filter to fulfil 
the IEEE-519 limitations is proposed and investigated in detail. Design procedure is based on 
the analytical expression of converter voltage harmonics applying Bessel functions. 
Validation of the proposed design procedures are proved with simulation and experimental 
results. 
The main problem involved with the control of active front end converters with LCL-filter is 
the resonance of the LCL-filter. Depending on the LCL-filter resonance frequency and the 
band width of the current controllers of VOC, the control system could excite the LCL filter 
in transitions. In order to avoid filter resonance, active damping is applied. Active damping 
can be realized in different methods  [85],  [107]. Active damping based on measurement of the 
filter capacitors voltage is applied in this thesis. A simple method to design the required 
compensator using the parameters of the current control loop is proposed. Simulation and 
experimental results for the transient and steady-state performance of the VOC for active front 
end converter with LCL-filter are presented.  
Structure of the thesis 
Material of this thesis is arranged in four chapters. Chapter 3 presents the control strategies of 
HSIMs. FOC and DTC are described for an HSIM and compared. Design of 2L VSC and 3L-
NPC VSC as the machine side converter is also discussed in this chapter, and a comparison 
between two topologies is given.  
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PWM active front end converters with L-filter and LCL-filter as the grid side filter are 
investigated in chapter 4. Mathematical descriptions of the converter and the filter as well as 
the applied control strategy are presented. Furthermore, behaviour of active front end 
converters with L-filter in the presence of thyristor converters is analyzed. 
An analytical procedure to design the grid side filter (L- and LCL- filter) is introduced and 
verified by simulation and experimental results. 
Chapter 5 presents the conclusions of this thesis. 
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Chapter 3 
Control of High-Speed Induction Machines 
In this chapter, FOC and DTC as standard control strategies of IMs are investigated for an 
exemplary HSIM fed by a 2L VSC. Besides the description of both methods, a comparison is 
carried out, considering the required sampling frequency and dynamic performance. 
Furthermore, 2L VSC and 3L-NPC VSC as machine side converters are compared for the 
HSIM controlled with RFOC. Torque ripple, loss distribution, and converter efficiency are 
taken into account for a detailed comparison. 
3.1 Definition of an exemplary high-speed induction machine 
drive  
An exemplary HSIM is used to investigate the high performance control strategies (FOC and 
DTC) for a HSIMD. A power circuit block diagram of a HSIMD is presented in Fig. 3-1. The 
machine is a HSIM with rated mechanical power of Pmech,n= 20 kW and a line-to line rms 
stator voltage of Vs,ll,n = 400 V. Nominal stator frequency is f0M = 500 Hz and the machine has 
one pole pare. Synchronous and nominal mechanical speeds are 30000 rpm and 29820 rpm, 
respectively. Electrical and mechanical parameters of the HSIM and a standard IM are shown 
in Table 3.1. Obviously, the main and leakage inductances are decreased significantly in case 
of the high-speed machine. Further machine parameters and design details can be taken from 
 [4]. A 2L VSC with dc-link voltage of 700 V is used as machine side converter (MC) for the 
comparison of FOC and DTC for the HSIMD. Sinus-triangle PWM with regular sampling and 
a carrier frequency of fC = 11.5 kHz (mf  = 23) is used as the modulator of FOC.  
2L VSC and 3L-NPC VSC are compared for HSIMD controlled with RFOC. Table 3.2 lists 
the basic parameters and characteristic converter data for both converters. To enable a 
comparison between the topologies, the converter phase current and the apparent converter 
powers are kept constant. 
Fig. 3-1  Power circuit block diagram of a high-speed induction machine drive 
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3.2 Mathematical description of induction machines 
Mathematical modelling of an IM is achieved considering the following assumptions  [10] : 
• Windings of both stator and rotor are symmetrical with isolated neutral point. 
Parameter Value (high-speed) Value (standard) 
Nominal rms stator line-to-line voltage, Vs,ll,n 400 V (Υ) 400 V (Υ) 
Base voltage of machine side per unit system, Vb,M Vb,M = , ,2 3s ll nv   
Nominal rms stator current, Is,n 38.25 A 32 A 
Base current of machine side per unit system, Ib,M Ib,M = 2 Is,n 
Rated load power factor, cos( Mϕ ) 0.768 0.92 
Nominal stator frequency, f0M 500 Hz 50 Hz 
Number of pole pairs, Zp 1 1 
Nominal synchronous speed, nsyn,n , Nb = nsyn,n 30000 rpm 3000 rpm 
Nominal mechanical speed, nn 29820 rpm 2920 rpm 
Nominal  mechanical power, Pmech,n 20 kW 18.5 kW 
Moment of inertia, J 0.00072 Kgm2 0.0675 Kgm2 
Nominal electromechanical torque, Tem,n, Tem,b=Tem,n 6.39 Nm 60.5 Nm 
Nominal stator flux, ,S nψ  0.1036 Wb 1.0206 Wb 
Nominal rotor flux, ,R nψ  0.1010 Wb 0.9819 Wb 
Stator resistance, RS 0.025 Ω  0.1437 Ω  
Rotor resistance, RR 0.022 Ω  0.1885 Ω  
Stator leakage inductance LlS 0.128 mH 2.16 mH 
Rotor leakage inductance LlR 0.128 mH 2.16 mH 
Mutual inductance, LM 3.3 mH 101.3 mH 
Resolver of the high-speed induction machine: RE 3620-952-10-S, Excitation frequency: 2 to  
20 kHz, Maximum speed: 100,000 rpm   
Table 3.1 
Data and parameters of the high-speed induction machine  [4] and a standard induction machine  [148]
Parameter Value 
Nominal rms output line to line voltage of converter 400 V 
Nominal rms converter phase current 38.25 
Rated apparent output power of converter 26.5 kVA 
Nominal converter output frequency 500 Hz 
Nominal dc-link voltage, Vdc 700 V 
Modulation Sinus-triangle modulation  
Carrier frequency, fC 11.5 kHz – 23 kHz  
Maximum junction temperature, Tj,max (IGBT, diode) 125° C 
Heat sink temperature, Th 80° C 
Table 3.2 
Basic data of converter for 2L VSC and 3L-NPC VSC
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 • The permeability of the stator and the rotor iron is considered to be infinite. 
• Saturation and iron losses are neglected. 
• All rotor parameters and variable are transferred to the stator side. 
Considering the above assumptions, a simple representation of a three-phase induction 
machine is shown in Fig. 3-2. Mechanical rotation angle of the rotor is Mρ  which is measured 
in the stator stationary coordinate frame. The real axis α  of the stationary stator frame is 
fixed on the stator winding of phase a. The mechanical angular velocity of the rotor is: 
( )( ) .MM
d tt
dt
ρω =                                                                                                                    (3-1) 
Considering the resistive voltage drop and the back electromotive force (EMF) of the 
windings, the stator and rotor voltage equations can be written as follows: 
,
, , ,  
S x
S S x S x
d
R i v
dt
ψ+ =                                                                                                            (3-2) 
,
, , ,    ,  ,  ,
R x
R R x R x
d
R i v x a b c
dt
ψ+ = =                                                                                        (3-3) 
where  
RS and RR are the resistance of the stator and rotor windings, 
iS,x and iR,x are the instantaneous phase currents of the stator and rotor, 
,S xψ and ,R xψ  are the instantaneous fluxes of the stator and rotor windings of phase a, b, and c, 
vS,x and vR,x are the instantaneous phase voltages of the stator and rotor.  
In order to reduce the number of equations, the space vector representation of the machine 
equations is applied. This representation offers the opportunity to represent the machine 
equations in various coordinate systems  [10],  [19]. In the space vector representation, the 
three-phase equations are projected into a two-dimensional stationary reference frame (α-β). 
The following equation is used for the projection: 
22 ( ( ) ( ) ( ))
3 a b c
x x t a x t a x t= + ⋅ + ⋅G G G ,                                                                                         (3-4) 
where, aG and 2aG  are complex unit vectors with phase shift of 2π/3 and 4π/3 as follows: 
Fig. 3-2  Structure of a symmetrical induction machine  [16] 
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j j
a e a e
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The projection (3-4) can be represented in a matrix form as follows:  
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Using (3-6), the stator and rotor instantaneous voltage equations in (3-2) and (3-3) are 
projected into the following equations  
S
S SS
S S S
dR i v
dt
ψ+ =
GG G ,                                                                                                               (3-7) 
R
R RR
R R R
dR i v
dt
ψ+ =
GG G ,                                                                                                              (3-8) 
where 
S
Si
G
, SSψG , and SSvG  are current, flux, and voltage vectors of the stator in the stator stationary 
reference frame, 
R
Ri
G
, RRψG , and RRvG  are current, flux, and voltage vectors of the rotor in the rotor stationary 
reference frame. 
The stator and rotor flux vectors were determined in the stator and rotor stationary reference 
frames using self and mutual inductances as described in the following  [10],  [16],  [19]:  
MjS S R
S S S M RL i L e i
ρψ = +G GG ,                                                                                                     (3-9) 
MjR R S
R R R M SL i L e i
ρψ −= +G GG ,                                                                                                   (3-10) 
(1 ) ,  S S M S lS ML L L Lσ σ= + = ,                                                                                          (3-11) 
(1 ) ,  R R M R lR ML L L Lσ σ= + = ,                                                                                          (3-12) 
where 
LM  is the mutual inductance of IM, 
Sσ  and Rσ  are the stator and rotor leakage factor, 
LlS and LlR denote the stator and rotor leakage inductance,  
LS and LR are the stator and rotor self inductances. 
The stator variables and the equations (3-7) and (3-9) are represented in the stator stationary 
reference frame (real axes α is fixed on phase a of the stator). In a similar way, the rotor 
variables and the equations (3-8) and (3-10) are represented in the rotor stationary reference 
frame (real axes α is fixed on the phase a of the rotor). The apexes S and R are applied to 
identify the stationary reference frame of stator and rotor, respectively. Since the real axis of 
the rotor stationary reference frame is fixed on the rotor winding of phase a, the rotor 
stationary reference frame rotates with the rotor angular velocity ωM. The machine 
electromechanical torque Tem can be expressed in terms of the stator and rotor current vectors 
as  [10],  [16],  [19]  
3 Im ( e )
2
MjS R
em P M S RT Z L i i
ρ ∗⎡ ⎤= ⋅⎣ ⎦
G G
                                                                                       (3-13) 
where Zp denotes the number of pole pares.  
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Inserting the flux equations (3-9) and (3-10) in the voltage equations (3-7) and (3-8), the 
complete mathematical model of the symmetrical IM is derived as following:  
( )
S
S R j SS
S S S M R S
di dR i L L i e v
dt dt
ρ+ + =
GG G G ,                                                                                (3-14) 
( )
R
R S j RR
R R R m S R
di dR i L L i e v
dt dt
ρ−+ + =
GG G G ,                                                                               (3-15) 
3 Im[ ( ) ]
2
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em L P m S R L
dJ T T Z L i i e T
dt
ρω ∗= − = −G G ,                                                             (3-16) 
with TL and J being the load torque and the rotor moment of inertia. 
3.3 Field orientation 
The equations of IM given in (3-7) to (3-13) are represented in two different reference frames. 
In order to simplify the mathematical model, both equations of the stator and rotor should be 
projected into a common coordinate system K with angular speed of ωK. Multiplying machine 
voltage and flux equations by
0
,  ( ) ( )K
tj
K Ke t d
ρ ρ ω τ τ− = ∫ , the mathematical model of IM has 
been projected into the coordinate system K  [16]. Electrical and mechanical equations of IM 
in an arbitrary coordinate system K are:  
K
K K KS
S S K S S
dR i j v
dt
ψ ω ψ+ + =
GG G G ,                                                                                           (3-17) 
K K K
S S S M RL i L iψ = +G GG ,                                                                                                          (3-18) 
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K K K
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where  
K
Si
G
, KSψG , and KSvG  are the stator current, flux, and voltage vectors in the coordinate system K, 
K
Si
G
, KSψG , and KSvG  are the rotor current, flux, and voltage vectors in the coordinate system K. 
K is an arbitrary coordinate system which can be chosen as a stationary coordinate system 
fixed on the stator (ωK = 0). This coordinate system is usually used in classic DTC, which will 
be discussed later in this chapter.  
Electrical and mechanical equations of IM in (3-17)–(3-21) are applied to determine a state 
space representation of the model of an IM with the stator and rotor flux components as well 
as the mechanical speed as state variables. The state space representation of a squirrel-cage 
IM in the stator fixed stationary coordinate system (α–β) can be formulated as  [16]  
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, , , ,
3 ( )
2
S S S SM
em L P S S S S L
dJ T T Z i i T
dt α β β α
ω ψ ψ= − = − − ,                                                                (3-23) 
where 
211 1
(1 )(1 )
M
S R S R
L
L L
σ σ σ= − = −+ + ,                                                                                     (3-24) 
σ  is total leakage factor, 
,
S
x αψ  and ,Sx βψ  denote real and imaginary components of the stator (x = S) and rotor (x = R) 
flux vectors in the stator fixed coordinate system (axis α fixed on phase a of stator windings), 
,
S
xv α  and ,
S
xv β  are real and imaginary components of the stator (x = S) and rotor (x =R) voltage 
vectors in the stator fixed coordinate system (axis α fixed on phase a of stator windings), 
,
S
xi α  and ,
S
xi β  denote real and imaginary components of stator (x = S) and rotor (x = R) current 
vectors in the stator fixed coordinate system (axis α fixed on phase a of stator windings). 
Real and imaginary components of the stator and rotor currents can be expressed as functions 
of the stator and rotor flux as follows:  
, , ,
, , ,
1
1
S S SM
S S R
S S R
S S SM
S S R
R S R
Li
L L L
Li
L L L
α α α
β β β
ψ ψσ σ
ψ ψσ σ
⎧ = −⎪⎪⎨⎪ = −⎪⎩
,                                                                                          (3-25) 
, , ,
, , ,
1
1
S S SM
R R S
R S R
S S SM
R R S
R S R
Li
L L L
Li
L L L
α α α
β β β
ψ ψσ σ
ψ ψσ σ
⎧ = −⎪⎪⎨⎪ = −⎪⎩
.                                                                                          (3-26) 
In field orientation, the electrical and mechanical equations of a squirrel-cage IM are 
projected into a rotating reference frame ωK ≠ 0  [16],  [19]. The electromechanical equations 
of a squirrel-cage IM in an arbitrary rotating coordinate system (d–q), read  
, ,
, , ,
, ,
, ,
- 0 1 0
- - 0 0 1
0 - 0 0
0 - 0 0
K K
K K
K K
S d S dS S K S M S R
K K K
S q S q S dK S S S M S R
R M S R R R K P MR d R d
R M S R P M K R R
S q S q
R L R L L L
vR L R L L Ld
R L L L R L Zdt v
R L L L Z R L
ψ ψσ ω σ
ψ ψω σ σ
σ σ ω ωψ ψ
σ ω ω σψ ψ
⎡ ⎤ ⎡ ⎤⎡ ⎤ ⎡ ⎤⎢ ⎥ ⎢ ⎥⎢ ⎥ ⎢ ⎥⎢ ⎥ ⎢ ⎥⎢ ⎥ ⎢ ⎥= +⎢ ⎥ ⎢ ⎥⎢ ⎥ ⎢ ⎥−⎢ ⎥ ⎢ ⎥⎢ ⎥ ⎢ ⎥⎢ ⎥ ⎢ ⎥−⎢ ⎥ ⎣ ⎦⎣ ⎦⎢ ⎥ ⎢ ⎥⎣ ⎦ ⎣ ⎦
,
K
S q
⎡ ⎤⎢ ⎥⎢ ⎥⎣ ⎦
(3-27) 
, , , ,
3 ( )
2
K K K KM M
em L P S q R d S d R q L
S
d LJ T T Z i i T
dt L
ω ψ ψ= − = − − ,                                                         (3-28)
where 
,
K
x dψ  and ,Kx qψ  are direct and quadrature components of the stator (x=S) and rotor (x=R) flux 
vectors in the rotating coordinate system K (ωK ≠ 0), 
,
K
x dv  and ,
K
x qv  denote direct and quadrature components of the stator (x=S) and rotor (x=R) 
voltage vectors in the rotating coordinate system K, 
,
K
x di  and ,
K
x qi  are direct and quadrature components of the stator (x=S) and rotor (x=R) current 
vectors in the rotating coordinate system K. 
Direct (d) and quadrature (q) components of the stator and rotor current vector in the rotating 
coordinate system K are determined by using the flux components as  [16] 
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, , ,
1
1
K K KM
S d S d R d
S S R
K K KM
S q S q R q
R S R
Li
L L L
Li
L L L
ψ ψσ σ
ψ ψσ σ
⎧ = −⎪⎪⎨⎪ = −⎪⎩
,                                                                                           (3-29) 
, , ,
, , ,
1
1
K K KM
R d R d S d
R S R
K K KM
R q R q S q
R S R
Li
L L L
Li
L L L
ψ ψσ σ
ψ ψσ σ
⎧ = −⎪⎪⎨⎪ = −⎪⎩
.                                                                                          (3-30) 
Stator-flux orientation 
In stator flux orientation (K : SSψG ), the d axis of the rotating coordinate system is fixed on the 
stator flux vector SSψG . Therefore, S
S
K ψω ω= G  where, SSψω G  is the angular frequency of the stator 
flux vector. Consequently, the direct component of the stator flux vector is equal to the stator 
flux amplitude ,
S
S
S d S
ψψ ψ=G  and the quadrature component of the stator flux vector is zero 
, 0
S
S
S q
ψψ =G . The apex SSψG  denotes that the direct and quadrature components of the stator flux 
vector are expressed in the rotating reference frame synchronous to the stator flux vector. 
Moreover, the apex S in  SSψG  denotes that the stator phase a is considered as the reference to 
determine the stator flux vector angle. 
Using (3-28), (3-29), and (3-30), the electromechanical torque can be formulated in terms of 
the amplitude of the stator flux and the stator current as  
,
3
2
S
S
em P S S qT Z i
ψψ= G .                                                                                                                  (3-31) 
The variable ,
S
S
S qi
ψG  is the quadrature component of the stator current vector in the stator-flux-
oriented coordinate system. 
Air gap flux orientation 
Air gap flux vector has been determined in the stator fixed coordinate system as presented in 
the following  [16],  [19]: 
( )MjS S Rg M S RL i e i
ρψ = +G GG .                                                                                                     (3-32) 
Apex S in SgψG  denotes that the stator winding of phase a is the reference to determine the 
angle of the air gap flux vector.   
In case of air gap flux orientation (K: SgψG ), the real axis of the coordinate system is fixed on 
the air gap flux vector, S
g
K ψω ω= G  which Sgψω G  is the angular frequency of the air gap flux 
vector. Therefore, the real part of the air gap flux vector is equal to the amplitude of air gap 
flux, ,
S
g
g d g
ψψ ψ=G  and the imaginary part of the air gap flux vector is zero , 0Sgg qψψ =G .  
According to the stator flux vector expression in (3-9) and the air gap flux vector defined in 
(3-32), the stator flux can be expressed in terms of air gap flux and stator current vector 
S S S
S g lS SL iψ ψ= + GG G .                                                                                                              (3-33) 
 Using (3-33) and (3-21) the electromechanical torque can be represented in the terms of 
amplitude of the air gap flux and the stator current as   
,
3
2
S
g
em P g S qT Z i
ψψ= G ,                                                                                                                  (3-34) 
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where ,
S
g
S qi
ψG  is the quadrature component of the stator current vector in the air gap flux oriented 
coordinate system. 
Rotor flux orientation 
In rotor flux orientation, the d axis of the coordinate system is fixed on the rotor flux vector 
(K: SRψG ) and S
R
K ψω ω= G  where, SRψω G  is the angular frequency of the rotor flux vector. The real 
part of the rotor flux vector equals the amplitude of the rotor flux vector, ,
S
R
R d R
ψψ ψ=G  and the 
imaginary part of the rotor flux vector is zero , 0
S
R
R q
ψψ =G . Apex S in SgψG  denotes that the stator 
winding of phase a is the reference to determine the angle of the rotor flux vector. 
Considering (3-9) and (3-10), the stator flux vector in a stator fixed coordinate system can be 
calculated in the terms of the rotor flux vector and the stator current vector as  
( )S S SMS S M S R
R
LL L i
L
ψ ψ= − +GG G ,                                                                                               (3-35) 
where MjS RR Re
ρψ ψ=G G  is the rotor flux vector in the stator fixed stationary coordinate system. 
Using (3-35) and (3-21), the electromechanical torque is    
,
3
2
S
RM
em P R S q
R
LT Z i
L
ψψ= G                                                                                                             (3-36) 
where ,
S
R
S qi
ψG  denotes the quadrature component of the stator current vector in the rotor-flux-
oriented coordinate system. 
Equations of the electromechanical torque in (3-31), (3-34), and (3-36) imply that if the flux 
amplitude is controlled to be constant, the motor torque can be controlled independently using 
the imaginary component of the stator current. The real and imaginary parts of the stator 
current in an arbitrary coordinate system K can be determined using the following projection 
 [10],  [16],  [19]  
2 3      -1 3      -1 3cos( )     sin( )  
-sin( )    cos( )  0     1 3    -1 3
aK
d K K
bK
K Kq
c
x
x
x
x
x
ρ ρ
ρ ρ
⎛ ⎞⎡ ⎤⎡ ⎤ ⎡ ⎤⎡ ⎤ ⎜ ⎟⎢ ⎥=⎢ ⎥ ⎢ ⎥⎢ ⎥ ⎜ ⎟⎢ ⎥⎣ ⎦⎢ ⎥ ⎣ ⎦⎣ ⎦ ⎜ ⎟⎢ ⎥⎣ ⎦⎝ ⎠
,                                            (3-37) 
where Kρ  is the angle of the vector (e.g. stator, rotor, and air gap flux vector) which is 
applied to coordinate the reference frame. 
As evident from (3-37), the angle of the stator, air gap, and rotor flux vectors are required for 
the projection into the field-oriented coordinate system. Furthermore, the amplitude of the 
flux vectors is necessary for the flux control. Estimation of the flux vectors is achieved using 
the measured variables of the IM such as stator voltages, currents, and rotor speed. These 
estimation methods are carried out in direct and indirect methods  [21]. Direct method  [46] 
applies the stator voltages and currents, while the stator currents and rotor speed are used in 
the indirect method  [53]. Both methods are investigated in the following sections. 
3.3.1 Flux vector estimation using stator voltages and currents  
The stator voltages and currents can be used to estimate the position and amplitude of the 
stator, air gap, and rotor flux vector in the stationary coordinate reference frame (α–β)  [16], 
 [19],  [21]. According to (3-17), the stator flux components in the stator fixed stationary 
reference frame (K = S, ωK = 0) can be estimated as  
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( ), , ,
0
( ) ( ) - ( )  
t
S S S
S S S St v R i dα α αψ τ τ τ= ∫ ,                                                                                     (3-38) 
( ), , ,
0
( ) ( ) - ( )  
t
S S S
S S S St v R i dβ β βψ τ τ τ= ∫ .                                                                                     (3-39) 
Using the real and imaginary parts of the estimated stator flux vector, the amplitude Sψ  and 
rotation angle S
Sψρ G
  of the stator flux vector have been derived to: 
,1
, ,
,
,  tanS
S
S
SS S
S S S S
S
β
α β ψ
α
ψψ ψ ψ ρ ψ
−= + =G
     .                                                                                 (3-40) 
Applying the relation ship between the air gap flux and the stator flux presented in (3-35), 
amplitude gψ  and angular frequency S
gψρ G
  of the air gap flux vector  can be estimated as 
, , ,( ( ) )
S S S
g S M S SL L iα α αψ ψ= − − +  ,                                                                                           (3-41) 
, , ,( ( ) )
S S S
g S M S SL L iβ β βψ ψ= − − +  ,                                                                                           (3-42) 
,1
, ,
,
,  tanS
g
S
gS S
g g g S
g
β
α β ψ
α
ψψ ψ ψ ρ ψ
−= + =G
     ,                                                                                 (3-43) 
where , , and 
S S
g gα βψ ψ   are the estimated real and imaginary components of the air gap flux 
vector in the stator fixed coordinate system. 
In the same way, amplitude Rψ  and angular frequency S
Rψρ G
  of the rotor flux vector are 
estimated according to (3-35), (3-38), and (3-39) as presented in the following: 
, , ,
1( )S S SS RR S S
M S
L L i
L Lα α α
σψ ψσ= − +
  ,                                                                                       (3-44) 
, , ,
1( )S S SS RR S S
M R
L L i
L Lβ β β
σψ ψσ= − +
  ,                                                                                       (3-45) 
,1
, ,
,
,  tanS
R
S
RS S
R R R S
R
β
α β ψ
α
ψψ ψ ψ ρ ψ
−= + =G
     ,                                                                                 (3-46) 
where , , and 
S S
R Rα βψ ψ   denote the estimated real and imaginary components of the rotor flux 
vector in the stator fixed coordinate system. 
Using (3-38)-(3-46), block diagrams of the stator, air gap, and rotor flux estimators based on 
the measurement of the stator voltages and currents are shown in Fig. 3-3. Obviously, the 
stator flux estimation is the simplest one. Other estimators, especially the rotor flux vector 
estimator, depend strongly on the machine parameters. In implementation, the stator voltages 
can be calculated applying measured dc-link voltage and the converter gate signals  [47],  [21].  
3.3.2 Flux vector estimation using stator currents and rotor speed  
Stator currents and mechanical speed can be used to estimate the flux vectors (stator, air gap, 
and rotor). In this method, flux vector is determined indirectly from the stator current 
dynamics. For the stator flux orientation, the stator current dynamics can be described as 
below using the electromechanical equations of an induction machine  [55]:  
, ,
, ,
1 1
1     
S S
S S
S S
S S
S
S d S dR sl S R
sl R R SS q S q R sl S
di id
dt
dt Li i
ψ ψ
ψ ψ
ψστ ω ψ τ
ω στ στ τ ω ψ
⎡ ⎤⎡ ⎤ ⎡ ⎤− +⎡ ⎤ ⎢ ⎥⎢ ⎥ ⎢ ⎥= +⎢ ⎥ ⎢ ⎥− −⎢ ⎥ ⎢ ⎥⎣ ⎦⎣ ⎦ ⎣ ⎦ ⎢ ⎥⎣ ⎦
G G
G G ,                                           (3-47) 
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Using (3-47) the stator flux amplitude in s-domain and the corresponding rotation angle are 
determined as: 
, ,(1 )1
S S
S SS
S S d R sl R S q
R
L i s i
s
ψ ψψ στ ω σττ ⎡ ⎤= + −⎣ ⎦+
G G  ,                                                                            (3-48) 
Fig. 3-3  Block diagram of flux vector estimators (flux models) in stator-fixed stationary coordinate 
system (α–β): (a) stator flux; (b) air gap flux; (c) rotor flux  
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 ( ) ( ( ) ( ))S
S
t
P M slt Z dψρ ω τ ω τ τ= +∫G  .                                                                                       (3-50) 
where slω  is the estimated slip angular frequency and Rτ  denotes the rotor time constant. 
Equations (3-48) - (3-50) are the stator flux model of an induction machine based on the stator 
currents and the rotor speed. A block diagram of this flux model is shown in Fig. 3-4 (a). 
In the same way, the following stator current dynamics in the air-gap-flux-oriented coordinate 
system and the rotor speed are applied to estimate the air gap flux vector  [55]  
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1     
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G G
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The estimated amplitude of the air gap flux in s-domain and the corresponding angle are  
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g
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P M slt Z dψρ ω τ ω τ τ= +∫G  ,                                                                                       (3-54) 
where Rlτ  expresses the rotor transient time constant  [19]. Structure of the corresponding air 
gap flux model is given in Fig. 3-4 (b). 
Direct and quadrature components of the stator currents in the rotor-flux-oriented coordinate 
system are as follows  [10],  [19],  [55]:  
,
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S d R R
MS q R sl R
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Using (3-55), the estimated amplitude of the rotor flux vector in s-domain and the 
corresponding rotation angle are 
,1
S
RM
R S d
R
L i
s
ψψ τ= +
G ,                                                                                                                  (3-56) 
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P M slt Z dψρ ω τ ω τ τ= +∫G  .                                                                                        (3-58) 
A block diagram of this rotor flux estimator is shown in Fig. 3-4 (c). Comparing the three flux 
estimators presented in Fig. 3-4, it is evident that the rotor flux estimator has the simplest 
structure if the stator currents and the rotor speed are available for the flux estimation.  
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The main advantage of the rotor flux estimator is that there is no requirement for derivatives 
in the estimator structure. Because of this, the rotor flux orientation is usually applied in the 
FOC of the IMs with stator currents and rotor speed measurement  [10]. 
3.4 Field-oriented control of induction machines 
The main idea of the FOC is the separate control of flux and torque of an IM similar to the 
control principles of a DC machine. For this propose, the mathematical model of an IM in a 
rotating coordinate system synchronized to the stator, air gap, or rotor flux vector is applied. 
All voltages and currents of IM are projected into the rotating coordinate system using the 
projection defined in (3-37). In steady-state, ac voltages and currents are dc signals in the 
rotating coordinate system and controllers like PI-regulators can be used to control flux and 
torque.   
Fig. 3-4  Block diagram of flux vector estimators (flux models) in rotating coordinate system 
(d–q): (a) stator flux; (b) air gap flux; (c) rotor flux  
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If the estimated stator flux vector angle 
Sψρ G  is used for the projection in (3-37) and the 
amplitude of the stator flux and the electromechanical torque are the variables to be 
controlled, the control strategy is named stator-flux-oriented control (SFOC). In the same 
way, if the estimated air gap magnetizing flux angle 
gψρ G  is used in the projection and the air 
gap flux and the torque are controlled, the control method is termed air gap magnetizing-flux-
oriented control (MFOC). Finally, in rotor-flux-oriented control (RFOC), the estimated rotor 
flux vector angle 
Rψρ G  is used for the required projection in (3-37) and the rotor flux and the 
electromechanical torque are the controlled variables  [10],  [16],  [19]. Flux vectors of the 
stator, air gap, and rotor for induction motor (δ > 0) and induction generator (δ < 0) operation 
are presented in Fig. 3-5(a) and Fig. 3-5(b), respectively. The stator and the rotor leakage flux 
cause differences between the flux vectors. The torque angle is denoted byδ .  
3.4.1 Comparison of SFOC, MFOC, and RFOC 
In a comparison among SFOC, MFOC, and RFOC, it is assumed that the IM is fed by a VSC. 
Then the required flux estimator, stator current dynamics, required decoupling terms, and 
steady-state characteristic of the three vector control methods are compared.  
In case that the stator voltages and the stator currents are measured, the stator flux model has 
the simplest structure as shown in Fig. 3-3. Furthermore, the stator flux model requires just 
the stator resistance value whereas the models of the air gap flux and the rotor flux contain 
further machine parameters like the main inductance. If the stator currents and the rotor 
mechanical speed are used to estimate the flux vector, the rotor flux observer is the simplest 
one as depicted in Fig. 3-4. However, the main inductance and the rotor time constant are 
required as parameters of the rotor flux estimator. 
Assuming that the IM is fed by a VSC, it is necessary to use the stator voltage equations to 
acquire the required reference voltages for the modulator of the converter. The voltage 
equations expressed in the stator-flux-oriented reference frame are  [19]    
 
Fig. 3-5  Stator, air gap, and rotor flux vectors of an induction machine in the stator fixed 
stationary reference frame (α–β): (a) induction motor (δ > 0); (b) induction generator (δ < 0) 
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S S d S d
dR i v
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ψ ψ ψ= −G G ,                                                                                                             (3-59) 
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S S q S q SR i v
ψ ψ
ψω ψ= −
G G
G .                                                                                                           (3-60) 
In the case of SFOC, the stator voltage equations become simple because there is no separate 
stator leakage voltage component.  
Obviously, the first equation (3-59) can be used to control the stator flux. With a constant 
stator flux, equation (3-60) and the expression of the motor torque in (3-31) can be used to 
control the electromechanical torque and the rotor speed. The combination of the stator 
voltage equation of (3-60) and the stator flux observer presented in Fig. 3-3 (a) leads to a 
simple direct SFOC  [21],  [56],  [66],  [70], [79],  [80].   
Stator voltage equations represented in the magnetizing flux reference frame are given by  [55] 
( )
,
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G
.                                                                       (3-61) 
Obviously, the stator voltage equations are more complicated in the magnetizing-flux-
oriented coordinates due to the stator leakage inductance. If PI controllers are used to control 
the stator currents, appropriate decoupling terms ( , ,
S
g
S d decouplingv
ψG and , ,
S
g
S q decouplingv
ψG ) should be added 
to the output of the current controllers ( , ,
S
g
S d controlv
ψG  and , ,
S
g
S q controlv
ψG ) as follows:  
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, , , , , , , ,
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G

  .                                         (3-62) 
Applying the decoupling terms in (3-62), the stator voltage equations are simplified to the 
following first order system  
, , , ,
, , , ,
10 0
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g g g
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lSlS
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Magnetizing flux models presented in Fig. 3-3 (b) and Fig. 3-4 (b) can be used to realize 
direct SFOC and indirect SFOC by applying (3-61)–(3-63).   
In the rotor-flux-oriented coordinate system, the stator voltage equations are  [19],  [55]  
,
, , ,
,
, , ,
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R R R
S
R
S
R
S S S
R R R
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G
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.                                                (3-64) 
The following decoupling terms ( , ,
S
R
S d decouplingv
ψG and , ,
S
R
S q decouplingv
ψG )  should be added to the output of 
current PI controllers ( , ,
S
R
S d controlv
ψG  and , ,
S
R
S q controlv
ψG ) to simplify the stator voltage equations to a first 
order system as follows 
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The stator current dynamics of (3-66) and the rotor flux observers depicted in Fig. 3-3 (c) and 
Fig. 3-4 (c) can be used to realize direct RFOC and indirect RFOC. Indirect RFOC with stator 
current control using (3-66) and applying Fig. 3-4 (c) as flux estimator is a common control 
strategy for IMs  [10],  [19].    
Obviously, stator voltage equations in the stator-flux-oriented coordinate system are less 
complicated compared to those of the magnetizing-flux-oriented coordinate and the rotor-
flux-oriented coordinate system. Furthermore, complex decoupling terms are required for 
independent control of direct and quadrature components of the stator currents in the cases of 
MFOC and RFOC. As mentioned before, the direct SFOC with flux observer depicted in   
Fig. 3-3 (a) is interesting because of its simplicity. However, the stator voltages are required 
for a direct estimation of the stator flux vector. Indirect RFOC is a more complicated control 
structure compared to direct SFOC. The main advantage of the indirect RFOC is that there is 
no requirement for the stator voltages. However, deviation of the rotor time constant leads to 
a detuned flux model.    
The steady-state characteristics (torque versus slip frequency) are different for the control 
strategies of SFOC, MFOC, and RFOC  [55]. The steady-state characteristic of the SFOC is 
derived using (3-31) and (3-47) as given in the following equation   
2
2 2 2
(1 )3
2 1
slR
em P S
S R sl
T Z
L
ωτ σ ψ σ τ ω
−= + .                                                                               (3-67) 
The torque equation in (3-67) has an extreme which corresponds to the maximum pull-out 
torque in the SFOC and is given by  
2 2
,max ,max
3 10    at 
4
em SM
em P sl
sl R R R
dT LT Z
d L L
ψ ωω σ στ
⎛ ⎞= ⇒ = ± = ±⎜ ⎟⎝ ⎠
.                                   (3-68) 
In the case of MFOC, the steady-state characteristic is determined using (3-34) and (3-51)  
2
2 2
3  
2 1
g sl
em P
R Rl sl
T Z
R
ψ ω
τ ω= + .                                                                                                (3-69) 
The maximum pull-out torque in the MFOC related to the extreme point of the steady-state 
torque equation (3-69) is expressed as: 
2
,max ,max
3 1  at 
4
= ± = ±gem P sl
Rl Rl
T Z
L
ψ ω τ .                                                                               (3-70) 
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The steady-state relationship between the electromechanical torque and the slip frequency for 
the RFOC strategy can be derived as follows using (3-36) and (3-55) 
23
2
R
em P sl
R
T Z
R
ψ ω= .                                                                                                              (3-71) 
Clearly, the electromechanical torque is proportional to the slip frequency and theoretically 
there is no pull-out torque for a rotor-flux-oriented controlled IM.  
Fig. 3-6 shows the steady-state torque versus slip frequency characteristics for SFOC, MFOC, 
and RFOC for the exemplary HSIM with parameters presented in Table 3.1. Amplitudes of 
the stator flux, the air gap flux, and the rotor flux are equal to the nominal values. 
In RFOC, the electromechanical torque is directly proportional to slip frequency at constant 
flux operation (Fig. 3-6 (a)) while in SFOC and MFOC there is a nonlinear relationship 
between electromechanical torque and slip frequency (Fig. 3-6 (b) and (c)). The torque-slip 
characteristic of the HSIM at nominal voltage (Vs,ll = 400 V) and nominal stator frequency 
(f0M = 500 Hz) is shown in Fig. 3-6 (d) which conforms to the characteristics of the SFOC. 
Obviously, at a slip frequency above the nominal slip frequency, the RFOC generates a higher 
torque compared to the SFOC and MFOC if an appropriate dc-link voltage reserve            
(e.g. 10 % - 20 %) is available. Furthermore, in RFOC, it is possible to produce considerably 
large torques (e.g. 6 pu) at low speeds (e.g. 0.1 pu) for a short period considering thermal 
limitations. However, it should be noted that independent of the control strategy there are 
physical limitations for the electromechanical torque, due to the limited amplitude of the dc-
link voltage, thermal, and mechanical limitations  [6],  [72]. 
The fastest torque response can be achieved in the RFOC since the electrometrical torque is 
directly proportional to the slip frequency at constant flux operation, especially in decoupling 
control  [55]. A brief comparison between the SFOC, MFOC, and RFOC is summarized in 
Table 3.3.   
Fig. 3-6  Steady-state characteristic (torque versus slip frequency) of the exemplary high-speed 
induction machine: (a) RFOC; (b) MFOC; (c) SFOC; (d) torque-slip characteristic of the HSIM at 
stator nominal voltage (Vs,ll  = 400 V ) and nominal frequency (f0M  = 500 Hz ) 
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Indirect RFOC is the most common control strategy of IMs due to features such as relative 
simple structure, no requirement to measure the stator voltage, and linear torque-slip 
characteristic at steady-state. Therefore, the indirect RFOC is applied as the control strategy 
of the exemplary HSIM.  
3.4.2 Indirect RFOC with PI current and speed controllers 
A block diagram of the indirect RFOC for the exemplary HSIM with current, rotor flux, and 
speed control loops is shown in Fig. 3-7. The rotor flux observer constituted by (3-56) and 
shown in Fig. 3-4 (c) is used to estimate the rotor flux vector. The machine is fed by a 
SFOC MFOC RFOC Control strategy 
direct indirect direct indirect direct indirect 
Flux estimator simple complex moderate complex complex simple 
Required measurements  
for speed control  
vs, is, 
ωM 
is, ωM vs, is, ωM is, ωM vs, is,  ωM is, ωM 
Required machine 
parameters RS 
RS, RR, 
LS, LR, 
LM 
RS ,LS, 
LM 
RS, RR, 
LS, LR, 
LM 
RS, LS, 
LR, LM 
RS, RR, 
LS, LR, 
LM 
Stator voltage equations simple moderate moderate 
Decoupling circuit simple moderate moderate 
Steady-state torque-slip 
characteristic nonlinear nonlinear linear 
Pull-out torque × × − 
Table 3.3 
Comparison of SFOC, MFOC, and RFOC
Fig. 3-7  A block scheme of the indirect RFOC 
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2L VSC with dc voltage link. PWM is applied as modulation strategy and the basic 
parameters of the converter are given in Table 3.2. All reference values are shown by an apex 
of *. 
Stator voltage equations in (3-64) and PI-controllers are used to control the direct and 
quadrature components of the stator current. Decoupling terms in (3-65) are used in the 
decoupling circuit. In case of constant rotor flux ( 0Rd dtψ = ), the decoupling circuit shown 
in Fig. 3-8 can be applied. Thanks to the decoupling circuit, the stator voltage equations 
become a simple first order system as shown in (3-66).  
The indirect RFOC structure comprises an internal current control loop. Therefore, the 
performance of the control system strongly depends on the performance of the current control 
loop. PWM converters with current control loop have the following advantages compared to 
open loop PWM converters  [8]: 
• Excellent dynamic performance 
• Peak current limitation 
• Overload protection  
• Compensation of machine parameter changes, semiconductor voltage drop, and variations 
of dc-link voltage  
The current control loop in indirect RFOC comprises the stator current dynamics (3-66), the 
converter including PWM, and the current controller. Semiconductors are modeled as ideal 
switches (dead time = 0, du/dt = ∞)  [2]. 
PWM  [7],  [13] : 
The most straightforward modulation strategy is the natural sampled PWM. In the natural 
sampled modulation, low-frequency reference waveforms (e.g. three sinusoidal waveforms) 
are compared with a carrier waveform (e.g. triangle). This modulation is usually termed sinus-
triangle modulation. If the reference signal is greater than the carrier signal, the phase leg is 
connected to the positive bus of the dc-link and to the negative bus of the dc-link if the carrier 
waveform is greater than the reference signal. The natural sinus-triangle modulation and 
converter output voltage (e.g. 
MCa NP
v  in Fig. 3-1) are shown in Fig. 3-9 (a) and (b), 
respectively. The dc-link midpoint in Fig. 3-1 is considered to be the reference point. 
Due to the limitations in the implementation of the natural sampled PWM in a digital control 
Fig. 3-8  Decoupling circuit to obtain a decoupled current control in the indirect RFOC 
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system, regular sampled PWM as a state-of-the-art alternative is usually used  [7]. In regular 
sampled PWM, the reference waveforms are sampled and held constant during the carrier 
period. Then these sampled references are compared with the carrier signal (Fig. 3-10). 
Depending on the sampling strategy, the sampling process must take place at either the 
positive Fig. 3-10 (a) or at both positive and negative peaks of the carrier waveform Fig. 3-10 
(b). If the sampling occurs at the positive peak of the carrier signal, the sampling strategy is 
termed symmetrical sampling. If the reference signals are sampled at both positive and 
negative peaks of the carrier signal, the sampling strategy is called asymmetrical sampling 
 [7]. The time interval Ts,cc between two successive sampling is called sampling time. A PWM 
block is located in the current control loop (Fig. 3-7); therefore, the PWM and the current 
control loop have the same sampling time of Ts,cc. 
The sampled reference signal can be approximated by an average signal. Obviously, the 
average signal lags the original signal by Ts,cc / 2 (Fig. 3-10). In the symmetrical sampling 
strategy, the phase delay of the sampled signal is one-half the carrier interval, while for the 
asymmetrical sampling this phase delay is reduced to one-quarter of the carrier period. The 
sampling time Ts,cc and the phase delay of sampled signal Td, PWM  for a symmetrical sampling 
strategy in proportion to the carrier period are as follows: 
, ,, 2
C
s cc C d PWM
TT T T= = .                                                                                                        (3-72)  
In the case of asymmetrical sampled strategy, the sampling time and the phase delay are 
related to the carrier interval as given below: 
, ,, 2 4
C C
s cc d PWM
T TT T= = .                                                                                                       (3-73) 
The phase delay due to the regular sampling can be approximated by a first order delay in the 
Fig. 3-9  (a) Natural sinus-triangle PWM (1: carrier waveform, 2: reference waveform), (b) 
converter output voltage (reference point is the dc-link midpoint)    
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v
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current control loop. Therefore, the power converter can be modelled as a first order transfer 
function 
,
,
, ,1 1 0.5
d PWMsT PWM PWM
d pwm PWM
d PWM s cc
K KG K e
sT sT
−= ≈ =+ + ,                                                            (3-74) 
where KPWM  is the gain of the power converter  [8]. 
The processing time Tμp which is required for the execution of the control algorithm should be 
considered in the current control loop, too. The maximum processing time equals one 
sampling time  [8] and is approximated by 
,
1 1
1 1
psT
p
p s cc
G e
sT sT
μ
μ
μ
−= ≈ =+ + .                                                                                      (3-75) 
Current control loop  [8],  [54],  [60],  [63],  [67],  [76],   
In a simple classification, converter current controllers can be categorized into hysteresis 
controllers and modulator based current controllers. Hysteresis current controllers have 
simple structures but cause varying switching frequency  [63]. In contrast to the hysteresis 
current controllers, modulator based current controllers (e.g. PWM current controllers) 
generate constant switching frequency with a definite harmonic spectrum  [13].  
Modulator based current controllers are classified into linear controllers (e.g. PI controllers) 
and nonlinear controllers (e.g. artificial neural network based controllers  [18]). PI current 
12 3 4
time
TC Td,PWM
12 3 4
time
TC Td,PWM
(a)
(b)
Ts
Ts
Fig. 3-10  (a) Symmetrical regular sampled PWM, (b) Asymmetrical regular sampled PWM 
(1: carrier waveform, 2: original reference signal, 3: sampled reference signal, 4: average signal of 
the sampled waveform) 
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controllers are the most common controllers because they have simple structure and are easy 
to design. Transfer function of a PI controller is 
1( ) ,  pi iPI p p i
i i
KsT KG s K K K
sT s T
+= = + = ,                                                                           (3-76) 
where, KP and Ti are the proportional gain and integral time constant of the controller. 
The structure of a current control loop in the rotor-flux-oriented coordinate system with PI 
controller consisting of the converter model, processing delay and the load (stator voltage 
equations in (3-66) ) is shown in Fig. 3-11.  
 
Kp,cc and Ti,cc are the parameters of the PI current controller. Distortion in the current control 
loop (e.g. changes in dc-link voltage) is termed ,
S
R
dis dqv
ψG  in the rotating reference frame. In the 
design of the current controller parameters (Kp,cc and Ti,cc ), reference tracking and disturbance 
rejection abilities as the main tasks should be considered. The processing time delay and the 
delay of the PWM can be approximated with a total current control loop delay of 1.5Ts,cc to 
simplify the design procedure of the PI controller 
( )
,
,
( )
1 ( ) 1 1.5
p PWMs T T PWM PWM
d cc
p PWM s cc
K KG s e
s T T sT
μ
μ
− += ≈ =+ + + .                                                     (3-77) 
The open loop transfer function comprising the PI controller, total time delay, and the plant is  
,
, ,
, ,
1 1( )
1 1.5 1
i cc PWM S
ol cc p cc
Si cc s cc
S
sT K RG s K LsT sT s
R
σ
+= ⋅ ⋅+ +
.                                                                (3-78) 
Optimal criteria such as technical optimum (TO) or symmetrical optimum (SO) are usually 
applied to tune the parameters of the PI controller  [85]. In the case of current control, TO is 
preferred due to the good tracking ability with low overshoot in step response  [85]. 
In the TO, the time constant of the integrator Ti,cc  equals the plant time constant to cancel the 
dominant pole (s = - RS / σLS)  
,
S
i cc
S
LT
R
σ= .                                                                                                                         (3-79)   
Substituting (3-79) in (3-78) leads to the following open loop transfer function 
,
,
,1 1.5
p cc PWM
ol cc
S s cc
K KG
s L sTσ= ⋅ + .                                                                                                  (3-80)     
Fig. 3-11  Block scheme of the current control loop in indirect RFOC  
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Proportional gain of the PI controller KP,cc can be selected according to (3-81) in order to 
avoid undesirable current overshoot. Damping factor of the current control loop is shown by 
acc. If the damping factor acc is chosen to be greater than 2 (acc ≥ 2), the current overshoot for 
a step change remains under 4%  [85] 
,
,
,  2
1.5
S
p cc cc
cc PWM s cc
LK a
a K T
σ= ≥ .                                                                                         (3-81) 
The PI controller with TO and a proper damping factor (e.g. acc = 2) features an acceptable 
overshoot. However, the integral time constant is large (e.g. 10 ms according to Table 3.1) 
which leads to a poor disturbance rejection.  
Table 3.4 summarizes the PI controller design results according to TO for plants with 
different transfer functions  [11].  
The current control loop of the indirect RFOC (Fig. 3-11) for the exemplary HSIM with 
parameters given in Table 3.1 is simulated to investigate the dynamic performance of the 
current control loop. Basic parameters of the power converter (2L VSC) are according to 
Table 3.2. An asynchronous PWM with triangle carrier waveform is applied as modulator. 
Amplitude of the carrier signal equals Vdc/2 (KPWM  = 1).  
In the case of asynchronous PWM, large mf (mf > 21) is recommended in order to reduce the 
amplitudes of subharmonics  [13]. On the other hand, the converter switching frequency is 
limited to achieve reasonable converter efficiency. Therefore, the carrier frequency of 
11.5 kHz (mf  = 23) has been selected. In the 2L VSC, the switching frequency is equal to the 
carrier frequency. Therefore, commercially available 2L VSC with IGBTs and maximum 
switching frequency of 10–15 kHz can be applied as power converters for the high-speed 
drive. Both symmetrical and asymmetrical regular samplings are simulated and results for the 
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Table 3.4 
Adjustment of controller parameters according to TO  [11]   
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continuous step response are presented in Fig. 3-12. Simulation results for the symmetrical 
regular sampling for two different damping factor of the current control loop (acc = 2 and     
acc = 3) are shown in Fig. 3-12 (a). Furthermore, Fig. 3-12 (b) depicts the simulation results 
for the asymmetrical regular sampling for different values of current controller damping 
factor. Equations (3-79) and (3-81) are used to tune the PI parameters.  
Obviously, the asymmetrical regular sampling (Ts,cc= 22 kHz) features faster response 
compared to the symmetrical regular sampling (Ts,cc= 11.5 kHz). However, a powerful 
processor is required to implement the asymmetrical regular sampling. Moreover, a proper 
damping factor can be chosen (e.g. acc = 3) to obtain a step response without substantial 
current overshoot.   
 
Speed control loop 
The speed controller is one of the outer control loops of the indirect RFOC. The speed control 
loop conations the current control loop and the mechanical dynamics of the HSIM. Transfer 
function of the closed loop current control system with the designed PI controller ((3-79) and 
(3-81)) and the corresponding approximated transfer function is given in (3-82). The carried 
out approximation to a first order transfer function simplifies the controller design procedure 
for the speed control loop  
, 2 2 2
, , ,
1 1
1 1.5 1.5 1 1.5ol cc cc s cc cc s cc cc s cc
G
a sT a s T a sT
= ≈+ + + .                                                     (3-82) 
Continuous step response of the original transfer function of the current control loop and the 
step response of the approximated one for Ts,cc=22 kHz and different values of the damping 
factor acc = 2 and acc = 3  are shown in Fig. 3-13.  
Applying the expression of electromechanical torque in (3-36)  for the IM controlled by 
RFOC, the electromechanical equation is derived to: 
,
3
2
S
RM M
em L P R S q L
R
d LJ T T Z i T
dt L
ψω ψ= − = −G .                                                                             (3-83) 
where, TL denotes the mechanical load. Applying the approximated transfer function of 
current control loop (3-82) and the mechanical equation in (3-83), the speed control loop of 
the RFOC is depicted in Fig. 3-14. 
Fig. 3-12  Continuous step response of the current control loop of indirect RFOC with (a) regular 
symmetrical sampling and (b) regular asymmetrical sampling. 1: step response with acc = 2, and 2: 
step response with acc = 3  
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According to Fig. 3-14, the open loop transfer function of the speed control loop is calculated 
as:  
, , ,
,
, ,
(1 )
(1 )
p sc plant sc i sc
ol sc
i sc plant sc
K k sT
G
sT sT sJ
+= + ,                                                                                             (3-84) 
where 
, , ,
3 ,  1.5
2
M
plant sc P R plant sc cc s cc
R
Lk Z T a T
L
ψ= = .                                                                          (3-85) 
In order to design the parameters of the PI controller (Kp,sc, Ti,sc), the symmetrical optimum 
(SO) is usually applied due to the excellent disturbance rejection of the PI controller design 
according to SO  [85].  
Bode diagrams of the open loop transfer function of (3-84) are symmetric around the 
frequency  [9]   
, ,
1
i sc plant scT T
ω = .                                                                                                                (3-86) 
According to symmetrical optimization, the parameters of the PI controller are designed to 
achieve a unity gain of the open loop transfer function of (3-84) at the frequency given by 
(3-86). With a unity gain at the frequency ω  in (3-86), the open loop system has the 
Fig. 3-13  Continuous step response of the current control loop with Ts,cc = 22 kHz. (a) acc = 2,  (b) 
acc = 3. 1: Step response of original transfer function, 2:  Step response of approximated transfer 
function 
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Fig. 3-14  A block scheme of the speed control loop in indirect RFOC 
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maximum phase margin  [85]. To achieve the maximum gain margin, the parameters of the PI 
controller should be  [85] 
2 2
, , ,1.5i sc sc plant sc sc cc s ccT a T a a T= = ,                                                                                            (3-87) 
,
, ,
,
,  2
2.25
p sc sc
Msc plant sc plant sc
p R cc sc s cc
R
J JK aLa K T Z a a T
L
ψ
= = ≥ ,                                             (3-88)  
where, asc denotes the damping factor of the speed control loop. 
The damping factor asc has a relation to the phase margin φpm of the open loop transfer 
function (3-84) as  [9] 
1 cos( )
sin( )
pm
sc
pm
a
ϕ
ϕ
+= .                                                                                                               (3-89) 
The Bode diagram of the open loop transfer function in (3-84) for different damping factors 
of the PI parameters in (3-87) and (3-88) is depicted in Fig. 3-15 (a) for the exemplary HSIM. 
Furthermore, continuous step response of the speed control loop for various damping factors 
is shown in Fig. 3-15 (b). Obviously, for a phase margin of φpm = 45° a damping factor of     
asc = 2.41 is required. This damping factor leads to a moderate overshoot of about 30 %.  
Table 3.5 summarizes the PI controller design results according to SO for plants with 
different transfer functions  [11].  
Rotor flux control loop 
Rotor flux control loop is another outer control loop in the RFOC. Similar to the speed control 
loop, the rotor flux control loop includes the current control loop. Moreover, the flux control 
loop comprises the dynamic of the rotor flux presented in (3-55). Fig. 3-16 presents a block 
diagram of the rotor flux control loop. Similar to the design procedure of the speed control 
loop, SO has been used to design the parameters of the PI controller (Kp,fc, Ti,fc). Considering 
the control plant shown in Fig. 3-16 and using Table 3.5, parameters of the PI controller are as 
follows: 
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Fig. 3-15  (a) Bode diagram of the open loop transfer function of speed control loop, (b) 
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3: asc = 3 
66                                                                               CONTROL OF HIGH-SPEED INDUCTION MACHINES 
2
, ,1.5i fc fc cc s ccT a a T= ,                                                                                                              (3-90) 
,
,
,  2
1.5
R
p sc fc
fc cc s cc
K a
a a T
τ= ≥ .                                                                                             (3-91) 
Fig. 3-16  A block scheme of the flux control loop in RFOC 
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Table 3.5 
Adjustment of controller parameters according to SO  [11] 
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3.5 Direct torque control of induction machines  
DTC is a powerful method for control of IMs because of features like fast dynamics, simple 
structure (lack of current loops), and robustness (only the stator resistance is used in the 
control algorithm)  [42],  [44],  [48],  [49],  [59],  [61].  
The main feature of the DTC for IMs is the direct control of the electromechanical torque and 
flux (e.g. stator flux). Hysteresis controllers are usually applied to control the torque and flux 
and no modulator is required. A power converter (e.g. 2L VSC with IGBTs) is used to feed 
the IM.  
Electromechanical torque of an IM is proportional to the amplitude of the stator and rotor flux 
and the torque angle  [47] 
3 sin( )
2
M
em p S R
S R
LT Z
L L
ψ ψ δσ= ,                                                                                          (3-92) 
where, ψS and ψR are the magnitude of the stator and rotor flux vectors and δ denotes the 
machine torque angle (phase difference between the stator and rotor flux vectors) as shown in 
Fig. 3-5. Obviously, at a constant stator and rotor flux, the electromechanical torque can be 
controlled directly by the control of the torque angle.   
According to (3-38) and (3-39), the stator flux vector is controlled with the stator voltage 
vector 
0
( ) ( ( ) ( ))
t
S S S
S S S St v R i dψ τ τ τ= −∫ GG G                                                                                             (3-93) 
where, ,  ,  and S S SS S Sv iψ
 GG G  are the estimated stator flux, the stator voltage, and the stator current 
vectors in the stator fixed stationary coordinate reference frame.    
As depicted in Fig. 3-17, six active vectors ( 1 6,...,v v
G G ) and two zero vectors ( 0 7,v vG G ) can be 
defined for output voltage of a 2L VSC, considering various states of the converter switches.  
Therefore, in an IM fed by a 2L VSC, the stator voltage vector is related to the dc-link voltage  
as described in the following  [12]:  
2 ( 1)         1,...,6
3 3
0                              0,7
n dcS
S
n
v V n n
v
v n
π⎧ = ∠ − =⎪= ⎨⎪ = =⎩
GG
G .                                                                         (3-94) 
Fig. 3-17  (a) A 2L VSC feeding an induction machine, (b) representation of the converter output 
voltage vectors in the stator fixed stationary reference frame 
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If the stator resistance voltage drop is neglected, the stator flux vector can be expressed as 
0
( ) ( )
t
S S
S St v dψ τ τ= ∫G G .                                                                                                              (3-95) 
Equation (3-95) clarifies that when using one of the active vectors of the converter output 
voltage, the stator flux moves in the direction of the corresponding voltage. Moreover, the 
stator flux vector stops if one of the zero vectors of the converter output voltage is applied.  
In IMs, the stator flux vector can be changed rapidly using an appropriate active vector of 
converter output voltage but the rotor flux vector responds more slowly due to the rotor time 
constant  [47]. Therefore, for a counterclockwise rotation of the stator flux vector, applying a 
forward switching vector of the converter output voltage accelerates the stator flux vector 
while the rotor flux vector does not change considerably for a short time period. Hence, the 
torque angle is increased and a positive electromechanical torque is generated. On the other 
hand, if a zero vector or a backward switching vector of the converter output voltage is used, 
the torque angle is reduced and consequently the electromechanical torque is reduced. 
Obviously, for a negative torque angle δ<0, the IM produces a negative torque.  
To summarize, the amplitude and the phase angle (electromechanical torque) of the stator flux 
vector of an IM can be controlled using an appropriate converter switching sequence. This 
principle is the base of the direct torque control strategy. 
A block scheme of classical DTC with speed control loop for the exemplary HSIM is 
presented in Fig. 3-18. In the classical DTC, the stator flux is controlled and the stator flux 
vector has a circular trajectory  [21],  [47],  [73]. A 2L VSC with voltage dc-link feeds the 
HSIM. In order to estimate the stator flux vector and the electromechanical torque, the stator 
currents and the stator voltages are required to be measured or estimated.  
Equations (3-38)–(3-40) are used to calculate the stator flux. A block scheme of the stator flux 
estimator using the stator voltage and the stator currents is shown in Fig. 3-3 (a). As 
mentioned in Section  3.3.1, the stator flux observer has a more simple structure, compared to 
the air gap or the rotor flux estimator if stator voltages and stator currents are measured.    
Fig. 3-18  A block diagram of the DTC with speed control loop 
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According to (3-21) and (3-23), real and imaginary parts of the stator current and the stator 
flux in the stator fixed stationary reference frame can be applied to estimate the 
electromechanical torque   
, , , ,
3 ( )
2
S S S S
em P S S S ST Z i iα β β αψ ψ= −   .                                                                                            (3-96) 
The stator flux estimator in Fig. 3-3 (a) and electromechanical torque representation in (3-96) 
structure the stator flux and torque estimation block of Fig. 3-18.  
3.5.1 Control of stator flux and electromechanical torque  
As shown in Fig. 3-18, hysteresis controllers are applied to control the stator flux and the 
electromechanical torque. The stator flux amplitude and the torque reference (e.g. output of 
the speed controller) are compared with the estimated values. Corresponding to the flux and 
torque errors, 
S S S
eψ ψ ψ∗= −   and emT em eme T T∗= −

, the hysteresis controllers produce appropriate 
values for the output variables 
S
dψ  and emTd , respectively. In the classic DTC, a two-level 
hysteresis controller is applied for the flux control loop and for the torque control loop a three 
level hysteresis is used as shown in Fig. 3-19  [21],  [47].  
An appropriate vector of the converter output voltage should be chosen for each hysteresis 
output set (
S
dψ , emTd ) to reduce the absolute values of the flux and torque error. In this 
connection, the plane of the stator fixed coordinate system is divided for the six sectors as 
shown in Fig. 3-20. Regarding the stator flux angle, the sectors definition is presented in 
Table 3.6. The stator flux estimator in Fig. 3-18 estimates the angle of the flux vector and the 
sector selection block determines the corresponding sector according to Table 3.6. 
Let us suppose that the location of the stator flux vector is estimated in sector 2 as shown in         
Fig. 3-21. In order to increase the amplitude of the stator flux vector (if 
S S
e Hψ ψ> ), the 
converter output vectors 1v
G , 2vG , and 3vG  can be selected. On the other hand, the converter 
output vectors 4v
G , 5vG , and 6vG  can be selected to reduce the amplitude of the stator flux vector 
(if 
S S
e Hψ ψ< − ). If the zero vectors 0vG  and 7vG  are selected, amplitude of the stator flux vector 
remains unchanged.  
In order to decrease the electromechanical torque (if 0
emT
e < ), the output voltage vectors 6vG , 
1v
G , and 2vG  can be chosen. Conversely, output voltage vectors 3vG , 4vG , and 5vG  can be selected to 
increase the electromechanical torque (if 2
em emT T
e H> ).  
Regarding the outputs of the hysteresis controllers (
S
dψ , emTd ) and the location of the stator 
flux vector (sector number), an optimum voltage vector can be selected for each sector.  
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Fig. 3-19  (a) Two level hysteresis flux controller, (b) three level hysteresis torque controller
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Table 3.6  
Sector intervals in DTC
Sector 
number 1 2 3 4 5 6 
S
Sψρ G  ,6 6
π π⎡ ⎞− ⎟⎢⎣ ⎠  ,6 2
π π⎡ ⎞⎟⎢⎣ ⎠  
5,
2 6
π π⎡ ⎞⎟⎢⎣ ⎠  
5 5,
6 6
π π⎡ ⎞− ⎟⎢⎣ ⎠
5 ,
6 2
π π⎡ ⎞− − ⎟⎢⎣ ⎠  ,2 6
π π⎡ ⎞− − ⎟⎢⎣ ⎠
Fig. 3-20  Sector definition in DTC 
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Fig. 3-21   Optimum voltage vector selection in DTC 
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Table 3.7 summarizes the optimum switching strategy for different output values of the 
hysteresis controllers and different sectors  [19],  [47].       
Hysteresis controllers operate properly in a continuous control system. Obviously, for a 
proper operation in a discrete control, high sampling frequency is required  [21]. In the classic 
DTC with discrete hysteresis controllers, amplitude of the electromechanical torque ripple 
strongly depends on the sampling period Ts,DTC   [42],  [44],  [49],  [59]. The discrete hysteresis 
torque controller will operate like the analog one if the maximum value of the 
electromechanical torque variation in a sampling time is smaller than the width of the torque 
hysteresis controller  [47]      
,max 2 emem TT HΔ  .                                                                                                                (3-97)  
It should be noted that the width of the hysteresis controllers strongly affects the harmonic 
currents, average converter switching frequency, and the converter losses  [48]. 
3.5.2 Speed control loop  
Speed control loop is the outer control loop in the DTC. Due to the slower mechanical time 
constant compared to the time constant of the torque control loop, a longer sampling period 
(e.g. Ts,sc = 10Ts,DTC –20Ts,DTC) is applicable. A PI controller can be used as controller in the 
speed control loop. In order to design the parameters of the speed PI controller, the torque 
control loop can be modelled as a first order system. A typical waveform of the torque step 
response in DTC and the approximated waveform are shown in Fig. 3-22.  
 
Table 3.7  
 Switching table of DTC 
S
dψ  emTd  Sector1 Sector2 Sector3 Sector4 Sector5 Sector6 
1 2 (110)v
G  3 (010)vG  4 (011)vG  5 (001)vG  6 (101)vG  1(100)vG  
0 7 (111)v
G  0 (000)vG  7 (111)vG  0 (000)vG  7 (111)vG  0 (000)vG  1 
-1 6 (101)v
G  1(100)vG  2 (110)vG  3 (010)vG  4 (011)vG  5 (001)vG  
1 3 (010)v
G  4 (011)vG  5 (001)vG  6 (101)vG  1(100)vG  2 (110)vG  
0 0 (000)v
G  7 (111)vG  0 (000)vG  7 (111)vG  0 (000)vG  7 (111)vG  0 
-1 5 (001)v
G  6 (101)vG  1(100)vG  2 (110)vG  3 (010)vG  4 (011)vG  
Fig. 3-22  Typical step response of the torque control loop in DTC; 1: original waveform;
2: approximated waveform 
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The torque response can be approximated by a first order system as:  
1( )
1DTC DTC
G s
sτ= + .                                                                                                            (3-98) 
where, DTCτ  denotes the time constant of the approximated torque response.  
The speed control loop with a PI controller is shown in Fig. 3-23. Similar to the speed control 
in RFOC, SO is applied to tune the parameters of the speed controller (Kp,sc, Ti,sc).  
 
 
According to Table 3.5  and Fig. 3-23, the parameters of the PI controller are calculated as: 
2
,i sc sc DTCT a τ= ,                                                                                                                      (3-99) 
, ,  2p sc sc
sc DTC
JK a
a τ= ≥ .                                                                                                    (3-100) 
3.6 Comparison of indirect RFOC and DTC for the exemplary 
high-speed induction machine  
3.6.1 Simulation results 
In order to compare the transient and steady-state performance of the indirect RFOC and DTC 
for the exemplary HSIM, both control strategies are simulated using MATLAB / SIMULINK. 
Parameters of the HSIM are as described in Table 3.1. A 2L VSC with ideal semiconductor 
behavior is applied as the power converter. Basic parameters of the converter are as given in 
Table 3.2. Simulated structure for the indirect RFOC and the DTC are shown in Fig. 3-24 (a), 
and (b), respectively.  
Carrier frequency of the RFOC is fC =11.5. Current control loop of the RFOC is realized with  
both symmetrical regular sampled PWM (SRS-PWM) and asymmetrical regular sampled 
PWM (ARS-PWM). Sampling frequency of the RFOC with SRS-PWM and ARS-PWM 
equals fs,cc = 11.5 kHz and fs,cc = 23 kHz, respectively. In both cases, the sampling frequency 
of the speed control loop is fs,sc = 11.5 kHz. The stator current is limited to 2 pu and an anti 
windup algorithm is applied for the speed and flux controllers  [1].  
Step response of the discrete current control loop of SRS-PWM (fC = 11.5 kHz) and ARS-
PWM (fC = 23 kHz) are shown in Fig. 3-25. Obviously, waveforms in Fig. 3-25 are 
comparable to the step response of the continuous current control loop presented in Fig. 3-12.  
Fig. 3-23  Speed control loop in DTC 
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In RFOC with ARS-PWM, the rise time of the current step response is 0.5 ms and 1.5 ms for 
acc=2 and acc=3, respectively. The rise time decreases to 0.25 ms and 0.75 ms for acc =2 and 
acc =3 with ARS-PWM. 
Fig. 3-24  Block diagram and the control parameters of the indirect RFOC and the DTC used in the 
simulation of the exemplary high-speed induction machine drive   
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The same sampling frequency of the speed control loop of RFOC is selected for the speed 
control loop of DTC fs,sc = 11.5 kHz. The sampling frequency and the hysteresis width of the 
torque and flux controllers are chosen so that the RFOC and DTC produce comparable torque 
THD at the nominal load and the rated speed.  
Electromechanical torque THD is determined using the first 500 torque harmonics obtained 
from the torque harmonic spectrum 
500
2
,
2
,
ˆ
em
em h
T
em av
T
THD
T
=
∑
,                                                                                                          (3-101) 
where, ,eˆm hT is the amplitude of the h
th order harmonic of the electromechanical torque and 
Tem,av  denotes the average value of the electromechanical torque.  
In order to achieve a comparable electromechanical torque THD for the RFOC and DTC   
(THDTem ≈ 20 %), the sampling time of the torque and flux control loop in DTC is determined 
to 230 kHz according to the simulations carried out. The steady-state electromechanical 
torque at the rated load and nominal speed and the corresponding spectrum is shown in      
Fig. 3-26 (a), (b), and (c) for RFOC with SRS-PWM, RFOC with ARS-PWM, and DTC, 
respectively. Obviously, the harmonics of the electromechanical torque in RFOC occur 
around the carrier frequency and times of the carrier frequency. The low order torque 
harmonics (h = 3) in Fig. 3-26 (a) and (b) are related to the low order harmonics (h = 2 and    
h = 4) of the converter output voltages due to the PWM with a regular sampling  [7]. In the 
case of DTC, the spectrum of the electromechanical torque is broad and comprises all even 
harmonics. The major harmonics occur around h = 26.         
Control parameters of the RFOC with SRS-PWM, RFOC with ARS-PWM, and DTC are 
summarized in Table 3.8. Set point values of the stator current components on d and q axes in 
RFOC are limited to 2 pu. Consequently, the amplitude of the stator current in transient will 
be limited to 2 pu. Fig. 3-27 (a) depicts the simulation results for a speed variation from 0 to 
1 pu for RFOC with ARS-PWM. Stator current is limited to 2 pu which leads to a linear speed 
variation from zero to nominal speed in 0.15 s. The electromechanical torque is limited 
indirectly to 2.4 pu. Considering the limit of the electromechanical torque in RFOC, the set 
point of the electromechanical torque in DTC is limited to 2.4 pu for a comparison between 
the load disturbance rejection of RFOC and DTC.   
Fig. 3-25  Discrete step response of the current control loop of indirect RFOC with (a): SRS-PWM 
and (b): ARS-PWM; 1: step response with acc = 2 and 2: step response with acc = 3    
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Fig. 3-26  Steady-state electromechanical torque and the corresponding spectrum at rated load and 
nominal speed: (a) RFOC with SRS-PWM; (b) RFOC with ARS-PWM; (c) DTC 
harmonic order
0 0.5 1 1.5 2
0.5
1
1.5
time (ms)
Tem
(pu)
(c)
harmonic order
0 0.5 1 1.5 2
0.5
1
1.5
Tem
(pu)
(b)
time (ms)
harmonic order
0 0.5 1 1.5 2
0.5
1
1.5
Tem
(pu)
time (ms)
(a) 0 10 20 30 40 50
0
5
10
15
0 10 20 30 40 50
0
5
10
15
0 10 20 30 40 50
0
5
10
15
,
,
ˆ
(%)em h
em av
T
T
,
,
ˆ
(%)em h
em av
T
T
,
,
ˆ
(%)em h
em av
T
T
Table 3.8   
Parameters of the RFOC with SRS-PWM, RFOC with ARS-PWM, and DTC   
 RFOC with 
 SRS-PWM 
RFOC with  
ARS-PWM DTC 
fsw (kHz) 11.5 11.5 11.53 (average) 
fs,cc (kHz) 11.5 23 11.5 
fs,DTC (kHz) - - 230 
fs,sc (kHz) 11.5 11.5 11.5 
acc 2 2 - 
asc 2.41 2.41 2.41 
, (%)emT em nH T  - - 18 
, (%)S s nHψ ψ  - - 3 
Torque THD (%) 19.4 20 20 
Phase current THD (%) 16 16.3 16.4 
Line-to-line voltage THD (%) 76 74 76 
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 For a speed set point variation from 0 to 1 pu, Fig. 3-27 (b) shows the stator current, the 
electromechanical torque, and the mechanical speed of the exemplary HSIM controlled with 
DTC. Electromechanical set point has been limited to 2.4 pu, which leads indirectly to the 
stator current limitation of 2 pu. 
Load disturbance rejection of the high-speed drive with RFOC (SRS-PWM and ARS-PWM) 
and DTC are presented in Fig. 3-28. Waveforms of the electromechanical torque are filtered 
to acquire the average values which are required in investigations of transient performance. 
Load disturbance rejection for the rated load TL = 1 pu at the nominal mechanical speed                     
n = 0.9969 pu is shown in Fig. 3-28 (a). Fig. 3-28 (b) presents the load disturbance rejection 
for the rated load TL = 1 pu at half of the nominal mechanical speed n = 0.4985 pu. Base 
values for the torque and the mechanical speed are Tb = 6.39 Nm and Nb = 30,000 rpm, 
respectively. As evident from Fig. 3-28, load disturbance rejection at the rated speed and half 
of the rated speed can be compared well, due to the adequate dc-link voltage reserve. 
Fig. 3-27  Stator current, electromechanical torque and mechanical speed of the high-speed 
induction machine for speed step response: (a) Indirect RFOC with ARS-PWM; (b) DTC 
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Considering the nominal stator rms phase voltage (VS = 230 V) and the selected dc-link 
voltage (Vdc = 700 V), modulation depth at the rated load for RFOC is Mn = 0.929 which 
realizes enough control reserve in linear range of modulation.  
Obviously, DTC realizes the best load disturbance rejection due to the very high sampling 
frequency of the torque control loop fs,DTC  = 230 kHz. The nominal load disturbance has been 
rejected in about 0.5 ms if DTC is applied. 
Fig. 3-28 Load disturbance rejection at rated mechanical speed (a) and half of the nominal 
mechanical speed (b); The average electromechanical torque and the mechanical speed for 
1: RFOC with SRS-PWM; 2: RFOC with ARS-PWM; 3: DTC; Tb = 6.39 Nm, nb = 30000 rpm    
0 1 2 2 4
0
1
2
0 1 2 3 4
0.994
0.995
0.996
0.997
0.998
time (ms)
n (pu)
Tem,av (pu)
3
3
2
2
1
1
(a)
0
1
2
0.495
0.496
0.497
0.498
0.499
Tem,av (pu)
time (ms)
0 1 2 3 4
0 1 2 3 4
n (pu)
3 2 1
3
2
1
(b)
78                                                                               CONTROL OF HIGH-SPEED INDUCTION MACHINES 
RFOC with ARS-PWM features a better load disturbance rejection compared to RFOC with 
SRS-PWM as shown in Fig. 3-28. The nominal load disturbance has been rejected in about 
1.5 ms and 3.5 ms in rotor-flux-oriented high-speed drive with ARS-PWM and SRS-PWM,  
respectively. However, twice the sampling frequency of the current control loop of RFOC 
with SRS-PWM is required in the case of RFOC with ARS-PWM. 
Steady-state performance of RFOC with SRS-PWM and ARS-PWM as well as the steady-
state performance of DTC for the HSIMD are shown in Fig. 3-29 (stator line to line voltage) 
and Fig. 3-30 (stator phase current). Obviously, RFOC causes well defined voltage and 
current spectra in contrast to the broad spectra of DTC. THD of the line to line stator voltage 
and stator current for all three control methods are given in Table 3.8. As depicted in Table 
3.8, the investigated HSIMD produces considerable torque ripple (
emT
THD = 20 %) due to the 
low frequency ratio and lower stray inductance (LlS + LlR) than standard induction machines 
 [4].  
Fig. 3-29  Stator line to line voltage of the high-speed machine at rated load, nominal mechanical 
speed, and steady-state: (a) RFOC with SRS-PWM; (b) RFOC with ARS-PWM; (c) DTC   
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According to the simulation results, the corresponding value for a standard induction machine 
drive (VS,ll,n = 400 V, IS,n = 104 A, Pmech,n = 44 kW, f0M  = 50 Hz) fed by a 2L VSC with       
Vdc = 700 V and SRS-PWM with  fC = 4 kHz (mf  =  80) is about 
emT
THD = 5 %.  
Application of a sine LC-filter between the converter and the HSIM is an attractive solution to 
reduce the current and torque ripple  [57]. The LC-sine filter features further advantages like 
reduced stress on the stator windings isolation. In the case of RFOC, the LC-filter can be 
designed to achieve a significant damping at harmonics around the first carrier band while the 
LC-filter of drive with DTC should damp the lower order harmonics (Fig. 3-30 (c)) which 
leads to the need for a bigger filter.  
To summarize, HSIMD controlled by DTC features a better load disturbance rejection as 
compared to the drive controlled by RFOC. However, a higher sampling frequency and fast 
current sensors are required if the DTC is applied as the control strategy of the HSIMD. 
Moreover, considering the harmonic spectra of the electromechanical torque and the stator 
current and voltage, a bigger LC- filter is required in the case of DTC as compared to RFOC 
(e.g. to reduce 
emT
THD  at the given switching frequency). If an LC-filter is applied to reduce 
the torque THD to a desired value for both RFOC and DTC with a comparable dc-link 
Fig. 3-30  Stator phase current of the high-speed machine at rated load, nominal mechanical 
speed, and steady-state: (a) RFOC with SRS-PWM; (b) RFOC with ARS-PWM; (c) DTC  
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voltage, a bigger filter inductance in case of DTC increases in the electromechanical torque 
rise time compared to the HSIMD with RFOC.  
Table 3.9 presents features, advantages, and disadvantages of RFOC with SRS-PWM, RFOC 
with ARS-PWM, and DTC for the control of the exemplary HSIMD. As shown in Fig. 3-28, 
RFOC with ARS-PWM features a better torque response as compared to RFOC with SRS-
PWM. Consequently, the disturbance rejection is improved in the case of RFOC with ARS-
PWM.   
The main advantage of DTC for HSDs is the excellent dynamic performance which is not 
very essential in high-speed drive applications. A significantly high sampling frequency and 
consequently the requirement of an expensive control platform are the disadvantages of DTC 
for HSDs. Furthermore, a big LC-filter is required to damp the low order harmonics of the 
electromechanical torque. 
RFOC features a satisfactory dynamic performance with a lower sampling frequency 
compared to DTC. Therefore, simpler control platforms can be applied. Due to the well 
defined behavior of PWM in RFOC, smaller LC-filter is required to reduce the THD of the 
electromechanical torque. Hence, RFOC is more desirable in high-speed induction machine 
drive applications like microturbines and spindles.         
Sensorless control 
RFOC and DTC with speed sensor have been investigated for the exemplary HSIM. 
However, application of control strategies without speed sensor is more desirable especially 
for very high-speed drives. The electrical drives without mechanical sensors (speed and 
Table 3.9 
Features of RFOC and DTC for the exemplary high-speed drive fed by a 2L VSC   (VS,ll,n = 
400 V, IS,n = 38,25 A, Pmech,n = 20 kW,  f0M = 500 Hz, nsyn,n = 30,000 rpm, Vdc = 700 V) 
Control strategy RFOC DTC 
Switching frequency,  constant  ( fsw = 11.5 kHz ) 
variable  
( fsw,average = 11.53 kHz ) 
SRS-PWM ARS-PWM Sampling frequency of the 
inner control loop low  ( fs,cc= 11.5 kHz ) 
moderate 
( fs,cc = 23 kHz ) 
very high 
( fs,DTC  = 230 kHz ) 
LC-sine filter small big ( or increased fsw,average ) 
Control algurithm 
complex 
abc Æ dq projections, linear 
controllers, and decoupling circuit 
Simple 
abc Æ αβ projections 
and hysteresis controllers 
Parameter sensitivity High sensitivity to rotor parameters  and sensitive to stator parameters 
sensitive to stator 
resistance 
Direct controlled variables stator currents torque 
SRS-PWM ARS-PWM Required time for Load 
disturbance rejection  good (3.5 ms) very good (1.5 ms) excellent (0.5 ms)  
Coordinate system Rotating coordinate synchronous to rotor flux 
Stator fixed stationary 
coordinate 
Estimated variables Rotor flux vector Torque and stator flux vector 
Measured variables for 
speed control Stator currents and rotor speed 
Stator currents, stator 
voltages, and rotor speed 
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position sensors) are referred to as sensorless drives. Sensorless drives are attractive due to 
features like  [19]: 
• Reduced hardware expense, 
• Increased mechanical robustness, 
• Higher reliability and decreased maintenance requirements, 
However, sensorless drives can not operate appropriately at very low frequencies  [19].   
Several RFOC and DTC methods without speed measurement have been proposed for 
standard induction machine drives in recent literature (e.g.  [10],  [19]). For example, the 
following techniques have been applied for sensorless control strategies: 
• Open loop estimator using stator voltages and currents  [10], 
• Model reference adaptive system  [50], 
• Observers (Kalman, Luenberger)  [69], 
• Estimators using artificial intelligence  [68]. 
All the above mentioned techniques can be applied in case of HSIMDs to omit the speed 
sensor  [32]. As mentioned, application of sensorless techniques becomes more significant in 
case of very high- speed drives  [71].    
3.6.2 Experimental investigations of the RFOC  
As concluded in the previous section, RFOC with ARS-PWM is a suitable control strategy for 
HSIMs. Since the simulated HSIM was completed after the completion of this work  [4], a 
standard IM has been applied to verify the operation of simulated RFOC with SRS-PWM and 
ARS-PWM.        
A schematic of the applied test bench is shown in Fig. 3-31. A 400 kVA line transformer 
provides the grid voltage. The dc motor (DCM) fed by a 4Q-B6C is used to load the IM. The 
IM is connected to a 2L VSC which realizes torque and speed control on the basis of a rotor-
flux-oriented control with SRS-PWM and ARS-PWM. Photographs of the low speed drive 
test bench are shown in Fig. 3-32.  
The control system is realized by an ABB OPCoDe control platform  [133]. The control 
system is based on a power PC board linked to a host PC. Control tasks with higher priorities 
(e.g. protection) are realized by means of local programmable devices. The control structure 
depicted in Fig. 3-24 (a) is applied in order to control of the standard IM.  
Converter switching frequency is 4 kHz (mf = 80) and the sampling frequency of the current 
control loop is 4 kHz and 8 kHz for RFOC with SRS-PWM and ARS-PWM, respectively. 
Sampling frequency of speed control loop for RFOC with both SRS-PWM and ARS-PWM is 
4 kHz. Stator currents on the direct and quadrature axis are limited to 1.5 pu. Basic 
parameters of the converter and the control system are summarized in Table 3.10. The 
induction machine has two pole pares and a synchronous speed of 1500 rpm. The nominal 
mechanical power equals 44 kW.  
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Fig. 3-31  A block diagram of the test bench of induction machine drive 
IM
DCM
50-Hz
Transformer
thyristor  converter
Diode rectifier 2L VSC
ω
control system
ω
RFOC
Cdc
(c) (b)(a) 
Fig. 3-32  Photographs of the standard drive test bench (a),  induction machine and dc-machine (b), 
2L VSC of the induction machine (c)  
 
Parameter Value 
IGBTs SKiiP 642GH120-2*208CTV 
Carrier frequency,  fC 4 kHz 
DC-link voltage, Vdc 560 V 
SRS-PWM ARS-PWM Sampling frequency of current control loop,  fs,cc 4 kHz 8 kHz 
Sampling frequency of speed control loop,  fs,sc  4 kHz 
Current control loop damping factor,  acc 3 
Speed control loop damping factor,  asc 4 
Table 3.10 
Basic data of the converter and control system for the standard induction machine drive 
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Speed step response and load disturbance rejection are investigated to analyze the dynamic 
performance of the rotor-flux-oriented controlled IM with SRS-PWM and ARS-PWM. Both 
simulation and experimental results are presented. MATLAB/SIMULINK is used in the 
simulation. All parameters of the controllers are the same in the simulation and experiment.  
Simulation and experimental results for speed step response of RFOC with SRS-PWM are 
shown in Fig. 3-33 (a) and (b), respectively. The speed set point is changed stepwise from 0.5 
pu (750 rpm) to 0.967 pu (1450 rpm). The mechanical speed show a linear rise with a 
constant mechanical torque and the stator current is amplitude limited to 1.5 pu. Simulation 
and experimental results for the same speed step change for RFOC with ARS-PWM are 
shown Fig. 3-33 (c) and (d), respectively. The electromechanical torque is filtered in both 
simulation and experimental results to obtain the average torque.  
The main difference between simulation and experimental results is the maximum amplitude 
of the electromechanical torque and consequently the rotor speed rise time. In the simulation 
results, the maximum amplitude of the electromechanical torque is 1.7 pu and the rotor speed 
varies from 0.5 pu to 0.967 pu in about 75 ms. In the experimental results the 
electromechanical torque is limited to 1.2 pu and the required time to change the rotor speed 
from 0.5 pu to 0.967 pu is about 120 ms. The main reasons for the difference between 
simulation and experimental results are summarized in the following: 
• All speed and current sensors are considered to be ideal sensors in simulation, 
• An ideal IM is used in simulation and the parameters deviation as well as the saturation is 
ignored, 
• Ideal semiconductor device behavior is considered in simulation. 
Parameter Value 
Nominal rms stator line-to-line voltage, Vs,ll,n 320 V 
Base voltage of machine side per unit system, Vb,M Vb,M = , ,2 3s ll nv   
Nominal rms stator current, Is,n 104.5 A 
Base current of machine side per unit system, Ib,M Ib,M = 2 Is,n 
Rated load power factor, cos( Mϕ ) 0.85 
Nominal stator frequency, f0M 50 Hz 
Number of pole pairs, Zp 2 
Nominal synchronous speed, nsyn,n , Nb = nsyn,n 1500 rpm 
Nominal  mechanical power, Pmech,n 44 kW 
Moment of inertia, J 0.483 Kgm2 
Nominal electromechanical torque, Tem,n, Tem,b=Tem,n 280 Nm 
Nominal stator flux, ,S nψ  0.8165 Wb 
Nominal rotor flux, ,R nψ  0.7798 Wb 
Stator resistance, RS 0.038 Ω  
Rotor resistance, RR 0.032 Ω  
Stator leakage inductance LlS 0.5 mH 
Rotor leakage inductance LlR 0.5 mH 
Mutual inductance, LM 12.46 mH 
Table 3.11 
Data and parameters of the standard induction machine 
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Fig. 3-33  Speed step response of the standard induction machine: (a) and (b) simulation and 
experimental results for RFOC with SRS-PWM; (c) and (d) simulation and experimental results 
for RFOC with ARS-PWM;  Nb = 1500 rpm, Tem.b = 280 Nm, Ib,M  = 147.8 A 
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Simulation results for the influence of the IM main inductance saturation on the speed step 
response of the standard induction machine drive are shown in Fig. 3-34. Stator currents are 
limited to 1.5 pu and the speed set point has a step change from 0.5 pu to 0.967 pu. Fig. 3-34 
(a) depicts the simulation results for the speed step response with no deviation between the 
real machine parameters and the parameters of IM as applied in the control system. In        
Fig. 3-34 (b), 20 % saturation of the main inductance is considered for the induction machine. 
Because of the saturation and the consequent flux amplitude reduction, the maximum 
amplitude of the electromechanical torque is reduced to 1.3 pu. Obviously, maximum 
amplitude of the stator current is limited to 1.5 pu in both cases.         
Simulation and experimental results for disturbance rejection of the-rotor-flux oriented 
controlled IM with SRS-PWM and ARS-PWM are shown in Fig. 3-35. The dc machine 
shown in Fig. 3-31 is used to load the induction machine drive. In the simulation, a step load 
disturbance with amplitude of 90 % is applied. The same amplitude of the load disturbance is 
applied in the experiment. However, generating an ideal step mechanical load with the dc 
machine is not realizable. As shown in Fig. 3-35, RFOC with ARS-PWM features a better 
load disturbance rejection as compared to RFOC with SRS-PWM. The load disturbance 
rejection time is reduced by about 50 % if ARS-PWM is applied. Moreover, the speed drop in 
the transient is reduced significantly in the case of RFOC with ARS-PWM.             
 
 
 
 
 
Fig. 3-34  Influence of the main inductance saturation on the transient performance (speed step 
response): (a) speed step response with the same parameters in control system and the machine;
(b) speed step response with 20 % saturation of the main inductance of the machine; Nb= 1500 
rpm, Tem,b = 280 Nm, Ib,M  = 147.8 A      
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3.7 Comparison of 2L VSC and 3L-NPC VSC for the high-speed 
induction machine drive with RFOC 
Comparison of 2L VSC and 3L-NPC VSC for a HSIMD has been described in  [58]. A 
comprehensive comparison with more details will be carried out in this subchapter.    
The type of the converter which feeds the HSIM does not substantially affect the drive 
dynamic performance  [58]. However, the effect of the topology on the machine and converter 
losses, voltage stress of the stator windings, and the torque ripple is undeniable. Converters 
which are connected to high-speed machines differ from standard converters due to the 
drastically increased fundamental frequency. Obviously, a lower value of the machine 
harmonic losses in the case of high-speed machines, considering the high power density of the 
high-speed machine, is very important. 
In this subchapter the effect of the converter topology (2L VSC and 3L-NPC VSC) on the 
machine torque ripple is investigated for two different operating conditions. In a first step 
both converters operate at an identical carrier frequency of fC = 11.5 kHz. In a second step the 
carrier frequency of the 2L VSC is varied so that the harmonic distortion of the machine 
torque is comparable to that of the 3L-NPC VSC applying a carrier frequency of                    
fC = 11.5 kHz. Then the installed switch power, converter losses, and converter efficiency for 
both cases are investigated and compared. 
Fig. 3-36 show the waveform and the spectrum of the electromechanical torque of the 
exemplary HSIM which is fed by a 2L VSC (Fig. 3-36 (a)) and a 3L-NPC VSC (Fig. 3-36 
(b)). The carrier frequency of both converters is fC =11.5 kHz (mf  = 23). It can be seen that, 
with an identical carrier frequency, the torque THD and the maximum torque ripple of the 
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Fig. 3-35  Disturbance rejection of rotor-flux-oriented controlled induction machine with SRS-
PWM and ARS-PWM: (a) simulation results; (b) experimental results; 1 and 3: 
electromechanical torque and rotor speed for RFOC with SRS-PWM; 2 and 4: electromechanical 
torque and rotor speed for RFOC with ARS-PWM;  Nb = 1500 rpm, Tem,b = 280 Nm    
CONTROL OF HIGH-SPEED INDUCTION MACHINES                                                                                                           87 
Fig. 3-36  Electromechanical torque and corresponding spectra of the exemplary high-speed 
induction machine fed by: (a) 2L VSC;  fC = 11.5 kHz; (b) 3L –NPC VSC;  fC = 11.5 kHz; (c) 2L 
VSC;  fC = 21.5 kHz 
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HSIM being fed by the 2L VSC is about 87 % and 76 % larger as compared to the values if a 
3L-NPC VSC had been connected to the HSIM.  
To reduce the torque THD of the HSIM fed by the 2L VSC, the carrier frequency fC has to be 
increased, since the harmonic values of the inverter voltage and current of a 2L VSC are 
substantially higher than those of a 3L-NPC VSC at a constant carrier frequency  [75]. An 
increase of the carrier frequency will shift the carrier bands occurring at n·fC to higher 
frequencies of the harmonic voltages, causing a better damping of the harmonic currents. The 
carrier frequency of the 2L VSC was determined at 21.5 kHz to achieve the same torque THD 
(THDTem = 10.66 %) as in the HSIM applying 3L-NPC VSC at a carrier frequency of                 
fC = 11.5 kHz. The electromechanical torque of the HSIM fed by the 2L-VSC with a carrier 
frequency of fC = 21.5 kHz (mf  = 43) and corresponding spectrum are shown in Fig. 3-36 (c). 
Obviously, the torque ripple of the HSIM fed by 2L VSC (fC = 21.5 kHz) is comparable to the 
torque ripple if a 3L-NPC VSC (fC  = 11.5 kHz) feeds the HSIM.   
It should be noted that the simulation results of Fig. 3-36 are for converters with ideal 
behavior of the semiconductor devices. However, a typical dead time of 2-3 μs is required in 
the implementation of the converters with IGBTs. The dead time influences the converter 
output voltage  [13] which is especially considerable in case of HSDs, due to high switching 
frequencies. The effects of the dead time on the converter output voltage can be reduced using 
a dead time compensation algorithm (e.g.  [77]).     
3.7.1 Converter design           
Table 3.12 summarizes the design of the power semiconductors for 2L VSC and 3L-NPC 
VSC for the exemplary HSIMD. Parameters of the HSIM and the basic converter parameters 
are listed in Table 3.1 and Table 3.2. VCE,n and IC,n denote the rated collector emitter voltage 
and the nominal current of the IGBTs. The voltage Vcom describes the commutation voltage of 
the corresponding commutation cells. The current rating IC,n of each power semiconductor is 
determined by the occurring device losses in a worst case operating point, the maximum 
junction temperature Tj,max = 125°C, and the thermal resistances of IGBTs and diodes. The 
simulations are based on the losses given in the IGBT datasheets by applying a natural 
sampled PWM with added third harmonics.  
The losses were determined by converter simulations using an earlier developed accurate 
semiconductor loss model  [3],  [5],  [43],  [52],  [65]. In order to calculate the converter power 
Table 3.12   
Semiconductor specifications for 2L VSC and 3L-NPC VSC for the high-speed induction machine 
drive (VS,ll,n = 400V; IS,n = 38.25A; Tj,max=125°C) 
Converter topology 2L-VSC fC = 11.5 kHz 
3L-NPC VSC 
fC = 11.5 kHz 
2L-VSC 
fC = 21.5kHz 
Nominal dc-link voltage, Vdc 700 V 700 V 700 V 
Commutation voltage, Vcom 700 V 350 V 700 V 
Rated device voltage/current, 
VCE,n / IC,n 
1.2 kV / 50 A 
IGBT 
600 V / 50 A 
IGBT 
1.2 kV /  100  A 
IGBT 
Installed switch power, SS 
(3-111) 360 kVA 
360 kVA 
+ 90 kVA (NPC-
diodes) 
720 kVA 
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losses, the conduction and switching power losses of IGBTs and diodes of each half-bridge 
are taken into consideration. Then the total converter power loss, device thermal resistances, 
and the heat-sink temperature are applied to estimate the junction temperature. It is assumed 
that all IGBT modules have been mounted on a single heat-sink. Information about output 
characteristics of IGBTs and diodes as well as the switching loss energy presented in product 
datasheets  [141] are applied to determine the power losses. In order to realize an accurate 
power loss estimation, output characteristic and switching loss energy are modelled as 
nonlinear first order functions of IGBT or diode current  [52],  [65],  [143].  
The output characteristics of IGBTs and diodes can be approximated by  
,
, 0, ,( ) ( ) cond T
B
CE T T cond Tv t v A i t= + ⋅ ,                                                                         (3-102) 
,
, 0, ,( ) ( ) cond D
B
F D D cond Dv t v A i t= + ⋅ ,                                                                         (3-103) 
where 
vCE,T  is IGBT on-state collector-emitter voltage, 
vF,D is diode on-state anode-cathode voltage,  
vo,T  and vo,D are threshold voltage, 
Acon,T, Bcon,T,  Acon,D, and Bcon,D are the curve-fitted constants, 
i(t) is the instantaneous value of the device current. 
IGBTs and diodes are shown with T and D, respectively.  
According to (3-102) and (3-103), the conduction power losses of IGBTs and diodes are as 
follows: 
( )1 ,, , , ,
1 0
1 ( ) ( ) ,  ,cond x
T
B
loss cond x o x cond xP v A i t i t dt x D TT
= + ⋅ ⋅ ⋅ =∫ ,                                         (3-104) 
where, T1 is the fundamental period.  
Commutation processes which create switching losses are classified into inductive and 
capacitive commutation. The inductive commutations are characterized by the turn-on losses 
of the active switches and the recovery losses of diodes. Capacitive commutation is 
characterized by turn-off losses of the active switches  [5].      
Similar to the approximation applied for the output characteristics, the switching loss energy 
offered in datasheets can be approximated by a first order nonlinear function of the device 
current. Applied function for the IGBTs turn-on and turn-off loss energy( Esw,on,T , Esw,off,T) and 
the diode recovery loss energy (Esw,rec,D) are as follows 
, ,
, , , , ,( ) ( ) sw on T
B
loss sw on T sw on TE t A i t= ⋅ ,                                                                         (3-105) 
, ,
, , , , ,( ) ( ) sw off T
B
loss sw off T sw off TE t A i t= ⋅ ,                                                                       (3-106) 
, ,
, , , , ,( ) ( ) sw rec D
B
loss sw rec D sw rec DE t A i t= ⋅ ,                                                                                     (3-107) 
where 
, , ,loss sw on TE  and , , ,loss sw off TE  are IGBT  turn-on and turn-off loss energy, 
, , ,loss sw rec DE  is diode recovery loss energy, 
Asw,on,T, Bsw,on,T,  Asw,off,T, Bsw,off,T , Asw,rec,D, and Bsw,rec,D  are the curve-fitted constants. 
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If the commutation voltage vcom of the IGBTs as well as the diodes differ from the 
commutation voltage vcom,ref  at which the measurement of the loss energy has been carried 
out, the following modification is required to estimate the actual loss energy  [3],   [45]: 
( ), ,, ,, , , , , ,
,
( )( ( )) ( ) ( ) sw off Tsw on T BB commloss sw T sw on T sw off T
com ref
v tE i t A i t A i t
v
= ⋅ + ⋅ ,                                        (3-108) 
( ), ,, , , ,
,
( )( ( )) ( ) sw rec DB comloss sw D sw rec D
com ref
v tE i t A i t
v
= ⋅ .                                                                      (3-109) 
The sum of IGBT and diode switching loss energy (Eloss,sw,T , Eloss,sw,D) in a fundamental time 
period T1 can be used to determine the switching power loss Ploss,sw.  
1
, , , , ,
11
1 ( ( ) ( ))
swj T f
loss sw loss sw T loss sw D
j
P E j E j
T
= ⋅
=
= +∑                                                                        (3-110) 
The total power losses for each device (IGBTs and diodes) is then the sum of the conduction 
and the switching losses in (3-104) and (3-110). The total module losses can be calculated 
considering the number of IGBTs and diodes per module. Furthermore, the total converter 
losses are the sum of all module losses. 
Fitting parameters of the IGBT modules which are used in the 2L VSC and 3L-NPC VSC are 
presented in Table 3.13. 
In order to estimate the junction temperatures for an operating point at steady-state, the device 
total power loss, and the thermal resistance is applied. According to the information for the 
thermal resistance in data sheet, one of the equivalent thermal circuit diagrams for a module 
which is shown in Fig. 3-37 is applied. In case that a common case to heat-sink thermal 
resistance (Rth,ch) is proposed for all devices of the module (e.g. BSM 50 GB120 DLC and 
BSM 50 GB 60 DLC), the circuit diagram of  Fig. 3-37(b) is used. For the modules with 
separate case to heat-sink thermal resistance for every device (e.g. BSM 100 GB 120 DLC), 
the circuit diagram in Fig. 3-37(c) was applied  [142].  
The accuracy of the given method to determine the converter losses and to estimate the 
junction temperature is investigated in  [3], providing experimental measurements. According 
to  [3], the relative error of the estimated junction temperatures can equal maximally ±30 % of 
the measured values. 
3.7.2 Investigation of simulation results 
According to the simulation results presented in Table 3.12, the required current rating to 
achieve a nominal output current is different due to different semiconductor losses in the 
different converter topologies, while the voltage utilization of the semiconductors is the same 
for the 2L-VSC and 3L-NPC VSC. The installed switch power of the 2L VSC operating at a 
carrier frequency of 11.5 kHz is only half, compared to that of the 2L VSC operating at a 
carrier frequency of 21.5 kHz. The 3L-NPC VSC requires about the same installed switch 
power as the 2L VSC operating at a carrier frequency of 11.5 kHz. The installed switch power 
is a measure of the semiconductor expense and is defined as: 
, , ,0.5S CE n C n T RRM F n DS V I n V I n= ⋅ ⋅ + ⋅ ⋅ ⋅ ,                                                                            (3-111) 
where, VRRM  is the repetitive peak reverse voltage of diodes, 
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Table 3.13   
Fitting parameters and thermal resistances of IGBTs / diodes 
 BSM 50 GB 
120 DLC 
EUPEC 
BSM 100 GB 
120 DLC 
EUPEC 
BSM 50 GB 
60 DLC 
EUPEC 
VCE,n  1200 V 1200 V 600 V 
IC,n       50 A 100 A 50 A 
Vo,T 0.4 V 0.4 V 0.25 V 
Vo,D 0.25 V 0.4 V 0.5 V 
Asw,on,T 0.00017171 0.00038093 0.000011710 
Bsw,on,T 0.9284 0.6738 0.9308 
Asw,off,T 0.00055698 0.00021665 0.000040426 
Bsw,off,T 0.6162 0.8666 0.8069 
Asw,rec,D 0.00056091 0.0014 0.00024812 
Bsw,rec,D 0.5062 0.4154 0.4621 
Acond,T 0.2900 0.1524 0.3032 
Bcond,T 0.4895 0.5707 0.4736 
Acond,D 0.2487 0.1233 0.0762 
Bcond,D 0.4507 0.5127 0.5622 
Rth-jc,T 0.27 K/W 0.16 K/W 0.44 K/W 
Rth-jc,D 0.6 K/W 0.3 K/W 0.8 K/W 
Rth-ch,T - 0.03 K/W - 
Rth-ch,D - 0.06 K/W - 
Rth-ch 0.05 K/W - 0.03 K/W 
Fig. 3-37  Steady-state equivalent thermal circuit diagram of a half bridge IGBT module (a) with
common Rth,ch for all IGBTs and diodes (BSM 50 GB120 DLC and BSM 50 GB 60 DLC) (b); with 
separate Rth,ch for IGBTs and diodes (BSM 100 GB 120 DLC) (c) 
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IF,n  denotes the nominal diode current, 
nT /nD is the number of IGBTs/diodes in the converter. 
Characteristic values for the operation at rated speed and rated load are summarized in          
Table 3.14. The semiconductor loss distribution of the considered converter topologies is 
depicted in Fig. 3-38. 
Obviously, the semiconductor losses of the 2L-VSC are 53% larger than those of the 3L-NPC 
VSC, if a comparable converter switching frequency fC = 11.5 kHz is assumed (Fig. 3-38). In 
this case both converters have a comparable installed switch power.   
If both 2L-VSC and 3L-NPC VSC realize a constant torque THD (THDTem = 10.7 %) the 
semiconductor losses of the 2L-VSC are 166% larger than those of the 3L-NPC VSC with the 
carrier frequency of  fC =11.5 kHz (Fig. 3-38). Furthermore, the 2L-VSC requires about twice 
the installed switch power as compared to the 3L-NPC VSC.  
Converter topology 2L-VSC 
fC = 11.5 kHz 
3L-NPC VSC 
fC = 11.5 kHz 
2L-VSC 
fC = 21.5kHz 
Torque THD (%) 19.4 10.66 10.65 
Torque ripple (%) 32.6 18.5 18.2 
Total converter losses (kW) 0.710 0.463 1.231 
Total converter losses (%) 3.48 2.27 6.03 
Converter efficiency (%) 96.64 97.8 94.3 
Table 3.14   
Comparison of 2L VSC and 3L-NPC VSC for the high-speed induction machine drive 
Fig. 3-38  Semiconductor loss distribution at nominal load (Vdc = 700 V; IS = 38.25 A); Ploss,con,T/D: 
conduction losses of IGBTs/diodes; Ploss,on,T/D: Turn-on losses of IGBTs; Ploss,off,T: Turn-off losses 
of IGBTs; Ploss,rec,D: Turn-off losses of diodes 
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The investigated results of Table 3.12, Table 3.14, and Fig. 3-38 depict clearly that 3L-NPC 
VSCs are substantially more attractive than 2L VSCs in high-speed drives. A detailed 
comparison of further characteristics of 2L VSC and 3L-NPC VSC for low voltage drives can 
be taken from  [74].    
3.8 Summary 
RFOC and DTC are compared for an exemplary HSIMD fed by a 2L VSC. A switching 
frequency of 11.5 kHz (mf  = 23) is applied for the RFOC. The electromechanical torque THD 
with the given frequency ratio is equal to THDTem ≈ 20 % for RFOC with both SRS-PWM 
(fs,cc = 11.5 kHz) and ARS-PWM (fs,cc = 23 kHz).  
The sampling frequency of the torque and flux control loop for DTC is determined to 230 kHz 
to realize a comparable torque THD of THDTem ≈ 20 %. In this case, the average switching 
frequency of DTC is 11.53 kHz.  
For the applied sampling frequencies for RFOC (fs,cc = 11.5 kHz for SRS-PWM and fs,cc = 23 
kHz for ARS-PWM) and DTC ( fs,DTC  = 230 kHz), the DTC features the best load disturbance 
rejection capability with a disturbance rejection time of 0.5 ms. RFOC with ARS-PWM and 
SRS-PWM realize a disturbance rejection time of 1.5 ms and 3.5 ms, respectively.  
Spectrum analysis of the electromechanical torque for the DTC shows low order harmonics 
while the RFOC cause a well defined torque spectrum with harmonics at switching frequency 
and times of the switching frequency. Consequently, DTC requires a larger LC-filter to 
reduce the torque THD at the given switching frequency.   
The main advantage of the DTC for HSIMDs is the excellent dynamic performance which is 
not very essential in high-speed drive applications. A significantly higher sampling frequency 
and consequently the requirement of an expensive control platform are the disadvantages of 
DTC for HSDs. Furthermore, a large LC-filter is required to damp the low order harmonics of 
the electromechanical torque. 
RFOC features a satisfactory dynamic performance for HSIMDs with a lower sampling 
frequency as compared to DTC. Therefore, simpler control platforms can be applied. Due to 
the well defined behavior of PWM in RFOC, a smaller LC-filter is required to reduce the 
THD of the electromechanical torque. Hence, the RFOC is more desirable for the control of 
HSIMDs.        
Application of a 3L-NPC VSC instead of a 2L VSC in high-speed drives is an attractive 
solution to reduce the voltage stress of the stator windings, electromechanical torque ripple, 
and converter power losses. The investigations which are carried out in this thesis show that at 
a constant carrier frequency of 11.5 kHz for the exemplary HSIM (VS,ll,n = 400 V,                  
IS,n = 38.25 A, Pmech,n = 20 kW, f0M  = 500 Hz), power losses of the 3L-NPC VSC are about  
50 % lower than the power loss of the 2L VSC. Both converters have a comparable installed 
switch power in this case. 
If the switching frequency of the 2L VSC is increased so that both converters generate a 
comparable torque THD (e.g. THDTem = 10.7 %),  the semiconductor power losses of the 2L 
VSC are about 166% higher than that of the 3L-NPC VSC. Furthermore, the 2L VSC requires 
twice the installed switch power as compared to the 3L-NPC VSC.       
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Chapter 4 
PWM Active Front End Converters 
Subject of this chapter is the investigation of a PWM active front end converter with L- or 
LCL-filter between converter and grid. Voltage-oriented control is applied as the control 
strategy of PWM active front end converter. At first,  transient and steady-state performance 
of active front end converter with L-filter connected to an ideal as well as distorted grid is 
investigated, using simulation and experimental results.  
Secondly, an iterative procedure to design L- and LCL-filter parameters is proposed. The 
main goal of the filter design procedure is to meet the IEEE-519 limits for the grid current 
harmonics. The procedure uses the analytical expression of converter voltage harmonics by 
Bessel functions. The stored energy of the filter passive components as a measure for expense 
of the components is considered exemplarily to compare different LCL-filter designs.  
Finally, an active damping scheme of current control loop is applied to avoid LCL-filter 
resonances. Simulation and experimental results are applied to investigate the transient and 
steady-state performance of active front end converter with LCL-filter.     
4.1 Advantages and  disadvantages of PWM active front end 
converters 
PWM voltage source converters are increasingly applied as active front end converters in low-
voltage drives for reasons such as strict international grid standards and emerging applications 
like regenerative energy sources (e.g. microturbines)  [84],  [89],  [90],  [91],  [95],  [116],  [122].  
The main advantages of PWM active front end converters with voltage dc-link are  [12]: 
• Bidirectional power flow: Due to this feature, PWM active front end converters are very 
attractive for distributed power generation systems (e.g. microturbines and wind turbines) 
and applications with a high share of regenerative energy such as cranes, elevators, and 
high-speed drives with a high inertia.  
• Sinusoidal input current: Input current of PWM active front end converters connected to 
a grid has a sinusoidal waveform with current harmonics occurring in carrier frequency 
and times of carrier frequency in principle. Current harmonics can be damped by an input 
filter (e.g. L- or LCL-filter). This feature of PWM active front end converters is very 
beneficial as compared to passive front ends (e.g. diode front ends) in the case that grid 
current harmonics are restricted by grid standards like IEEE-519  [97]. Diode and thyristor 
rectifiers cause low-order current harmonics (e.g. 6 1;  1,2,3,...h n n= ± = ) and voltage 
notches which require a substantially higher filter expense to be damped  [12].    
• Adjustable power factor: Diode rectifiers have an unchangeable displacement power 
factor ( 1DPF P S= , P is input active power, and S1 denotes the fundamental component 
of input apparent power  [13]). In thyristor active rectifiers DPF varies with variation of 
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dc-link voltage  [13]. In PWM active front end converters DPF at point of common 
coupling can be adjusted separately thanks to decoupling control of the active and reactive 
power  [111].  
• Adjustment of dc-link voltage: PWM active front end converters with voltage dc-link 
operate as boost converter with a fixed dc-link voltage polarity. Amplitude of dc-link 
voltage is theoretically adjustable for all voltages greater than amplitude of the grid line-
to-line voltage. Amplitude of the dc-link is practically limited according to blocking 
capability of the applied semiconductor devices (e.g. IGBTs).    
However, PWM active front end converters have also some disadvantages. These converters 
require a relative complex control structure. Active semiconductor devices (e.g. IGBTs) are 
needed, which cause extra switching losses compared to diode rectifiers. Moreover, a high 
switching frequency in PWM active front end converters can lead to electromagnetic 
interferences (EMI) which have to be limited by corresponding filters.        
4.2 Mathematical description of PWM active front end converters 
A block diagram of the power part of a PWM active front end converter with L-filter is shown 
in Fig. 4-1. The grid side converter (GC) is a 2L VSC which is connected by an L-filter to the 
grid at the point of common coupling (PCC). 
The grid is modeled as an ideal voltage source in series with the grid stray inductance LG and 
the grid resistance RG. The grid phase voltage and the grid phase current are expressed by ,G xv  
and ,G xi  where x = a, b, c. Grid and PCC line-to-line voltages are denoted by , ,G ll xv  nd , ,PCC ll xv , 
respectively. 
The output phase voltage of the converter is shown by ,GC xv  and ,GC xi  denotes the phase 
current of the grid side converter. Star point of the grid NG is considered as the reference point 
for the definition of the converter output phase voltages. The inductance and resistance of the 
L-filter are shown by LF and RF. 
The dc-link voltage and the dc-link capacitance are expressed by Vdc and Cdc. Variables ,dc GCi  
and ,dc MCi  denote the dc-link current of the grid side converter and the machine side converter, 
respectively. Current of the dc-link capacitor is shown by
dcC
i . 
 
Fig. 4-1  Block diagram of the power part of a PWM active front end 
GC
(2LVSC)Grid
NG
vG,a aPCC
bPCC
cPCC Vdc
idc,GC idc,MC
iG,a
LG aGC
bGC
cGC
Cdc
MC
IM
PCC
RG LF RF
L-filter
vGC,avPCC,a
iGC,a dcCi
NG NG
vG,ll,a
vPCC,ll,a
PWM ACTIVE FRONT END CONVERTERS                                                                                                                        97 
For simplicity, the grid is assumed to form a symmetric three-phase system. Regarding this 
assumption the grid phase voltages in Fig. 4-1 are defined as follows: 
2
, ,3
22
, ,3 3
22
, ,3 3
( ) in( )
( ) sin( )
( ) sin( )
G a G ll G
G b G ll G
G c G ll G
v t V s t
v t V t
v t V t
π
π
ω
ω
ω
⎧ =⎪⎪ = −⎨⎪ = +⎪⎩
,                                                                                             (4-1) 
where, VG,ll  denotes  the rms value of the grid line-to-line voltage and 2G Gfω π= . The 
parameter Gf  is the grid frequency.  
The converter currents and the dc-link voltage are the system’s state variables and should be 
taken into consideration in the mathematical description of the PWM active front end 
converters. 
Description of the converter currents and the dc-link voltage  
The converter currents can be described by using the filter voltage drop, the converter output 
voltage, and the voltage of the PCC. For a balanced three-phase system without neutral point 
connection, the filter voltage drop has been described as: 
,
, , , ;  ,  ,  
GC x
PCC x GC x F GC x F
di
v v R i L x a b c
dt
− = + = ,                                                                    (4-2) 
where 
, , , 0PCC a PCC b PCC cv v v+ + = ,                                                                                                     (4-3) 
, , , 0GC a GC b GC ci i i+ + = .                                                                                                            (4-4) 
In order to describe the converter output voltage vGC,x , a basic representation of the grid side 
converter with 2L VSC is depicted in Fig. 4-2 (a). Switching states of the converter legs are 
denoted by SGC,x; x = a, b, c. These switching states can be determined by applying a 
modulation strategy (e.g. PWM for voltage-oriented control  [111]) or by hysteresis controllers 
(e.g. in direct power control  [112]).  
Sinus-triangle modulation and resulting switching state for phase leg a in a 2L VSC are 
shown in Fig. 4-2 (b) and (c). The switching state is 1 if the reference signal is greater than 
the carrier signal. If the carrier signal is greater than the reference signal, the switching state is 
considered to be 0.  
Considering Fig. 4-2 (c), if the dc-link midpoint (shown in Fig. 4-2 (a) as NP) is assumed as 
the reference point, the grid side converter output voltages can be described as follows, based 
on the switching states and the dc-link voltage 
, ,(2 1) ,  ,  ,  2
dc
GC xNP GC x
Vv S x a b c= − ⋅ = .                                                                                  (4-5) 
Due to the system symmetry, voltage difference between the grid neutral point NG and the 
midpoint of dc-link NP can be expressed as follows: 
1 ( )
3G GC GC GCN NP a NP b NP c NP
V v v v= + + ,                                                                                         (4-6) 
where , , , ,  GC xNPv x a b c=  is the converter output phase voltage if the dc-link mipoint is 
considered as reference point. 
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Hence, the output voltages of the converter with NG as reference point can be described as 
, , , ,
, , , ,
, , , ,
(2 ) 3
(2 ) 3
(2 ) 3
GC a GC a GC b GC c dc
GC b GC b GC a GC c dc
GC c GC c GC a GC b dc
v S S S V
v S S S V
v S S S V
⎧ = − −⎪ = − −⎨⎪ = − −⎩
.                                                                                   (4-7) 
The dc-link currents of the grid side and the machine side converters are required to describe 
the dc-link voltage. According to the applied definition for the switching states, the dc-link 
current of the grid side converter can be calculated as follows: 
, , , , , , ,dc GC GC a GC a GC b GC b GC c GC ci S i S i S i= ⋅ + ⋅ + ⋅ .                                                                         (4-8) 
Using (4-8) and the dc-link current of the machine side converter idc,MC, the voltage equation 
of the dc-link is derived as 
, , , , , , , , ,
dc
dc dc GC dc MC GC a GC a GC b GC b GC c GC c dc MC
dVC i i S i S i S i i
dt
= − = ⋅ + ⋅ + ⋅ − .                                 (4-9) 
Description of the converter currents and the dc-link voltage in α−β coordinates    
A space vector representation of the three-phase variables of the PWM active front end 
converter can be applied to reduce the number of equations in the mathematical model. 
Similar to the definition used to calculate the space vector of machine variables in the 
previous chapter, the projection in (3-4) has been used to determine the space vectors of the 
grid side converter three-phase variables. Using this space vector projection, the voltage drop 
equation in (4-2) is projected into the following equation   
GC
PCC GC F GC F
div v R i L
dt
− = +
GGG G ,                                                                                              (4-10) 
where 
PCCv
G  is the PCC voltage vector, 
GCv
G  and GCi
G
 denote the converter output voltage vector and the converter current vector. 
Fig. 4-2  (a) Block diagram of a grid side converter with 2L VSC; (b) natural sampled sinus-
triangle modulation (e.g. phase a, 1: triangle carrier signal, 2: reference signal); (c) switching state 
of converter leg a   
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Equation (4-10) can be expressed in s-domain in form of real and imaginary components    
(α–β) as below: 
, , ,
, , ,
1GC GC PCC
GC GC PCCF F
i v v
i v vR sL
α α α
β β β
− +⎡ ⎤ ⎡ ⎤=⎢ ⎥ ⎢ ⎥− ++⎢ ⎥ ⎢ ⎥⎣ ⎦ ⎣ ⎦
,                                                                                  (4-11) 
where 
, , and GC GCi iα β  are real and imaginary components of the grid side converter current vector, 
, , and PPC PPCv vα β  denote real and imaginary components of the grid voltage vector at the PCC, 
, , and GC GCv vα β  being real and imaginary components of the converter voltage vector. 
Space vector of the grid side converter output voltage can be determined by using (4-7) and 
the projection presented in (3-4). The real and imaginary components of the converter output 
voltage vector are related to the real and imaginary parts of the converter switching states as 
presented in the following equation 
, ,
, ,
GC GC
dc
GC GC
v S
V
v S
α α
β β
⎡ ⎤ ⎡ ⎤=⎢ ⎥ ⎢ ⎥⎢ ⎥ ⎢ ⎥⎣ ⎦ ⎣ ⎦
,                                                                                                          (4-12) 
, , , ,
, , ,
1 (2 )
3
1 ( )
3
GC GC a GC b GC c
GC GC b GC c
S S S S
S S S
α
β
⎧ = − −⎪⎪⎨⎪ = −⎪⎩
.                                                                                      (4-13) 
In the same way, projection (3-4) is applied to project the dc-link voltage equation (4-9) into 
the α–β coordinate system. Following equation is derived as the expression of the dc-link 
voltage in terms of the real and imaginary parts of the converter current and the switching 
states vector 
( ), , , , ,32dcdc GC GC a GC GC dc MCdVC S i S i idt α β β= ⋅ + ⋅ − .                                                                  (4-14) 
A block diagram of the grid side converter model in stationary coordinate system (α–β) based 
on (4-11), (4-12), and (4-14) is shown in Fig. 4-3. 
Instantaneous input active and reactive power in the α−β coordinates    
Real and imaginary components of the converter current vector and the PCC voltage vector 
can be used to determine the instantaneous input active and reactive power of the grid side 
converter at the PCC. A definition of the grid side converter active and reactive power at PCC 
is presented in the following equation  [12]  
,
,
GC PCC PCC GC
GC PCC PCC GC
p v i
q v i
⎧ = ⋅⎪⎨ ′= ⋅⎪⎩
GG
GG ,                                                                                                           (4-15) 
where “·” denotes the scalar product of the vectors. Furthermore, PCCv′G  lags the voltage vector 
PCCv
G  by 90°.  
Using the definition in (4-15) and the real and imaginary components of the PCC voltage 
vector and the converter current vector, the input active and reactive power of the grid side 
converter are expressed as following:  
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( )
( )
, , , , ,
, , , , ,
3
2
3
2
GC PCC PCC GC PCC GC
GC PCC PCC GC PCC GC
p v i v i
q v i v i
α α β β
β α α β
⎧ = ⋅ + ⋅⎪⎪⎨⎪ = ⋅ − ⋅⎪⎩
.                                                                           (4-16) 
Instantaneous active and reactive powers are required in the direct power control strategy, 
which will be introduced briefly in the next subchapter. 
4.3 Selection of the control strategy  
An overview of the control strategies of PWM active front end converters has been presented 
in the Chapter 1. As mentioned there, these control techniques can be categorized into 
voltage-based and virtual-flux-based methods.   
Voltage-based control techniques 
Voltage-oriented control (VOC) and voltage-based direct power control (V-DPC) are the two 
types of the voltage-based control strategies of PWM active front end converters  [111]. A 
basic block diagram of VOC is presented in Fig. 4-4 (a). VOC is similar to the well-known 
field-oriented control of induction machines. The grid side converter currents and the line 
voltage at the PCC are the measured variables. In VOC a rotating reference frame 
synchronous to the line voltage vector at PCC ( PCCv
G ) is applied to realize the control strategy. 
Therefore, the angle of the line voltage vector 
PCCV
ρ G  is used to project the converter current 
vector into the rotating reference frame. Then, the direct and quadrature components of the 
converter current vector in the rotating reference frame ( , ,,  PCC PCC
v v
GC d GC qi i
G G
 in Fig. 4-4 (a)) can be 
used to control the dc-link voltage Vdc and the DPF at the PCC, respectively. VOC comprises 
inner current control loops, and the outputs of the current controllers are the reference 
voltages required in the modulation unit. Due to the application of a modulator (sinus-triangle 
PWM or SVM), the output voltage of converter has a well-defined harmonic spectrum. 
Fig. 4-3  Block diagram of the grid side converter model in stationary coordinate system 
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Another control strategy called V-DPC (Fig. 4-4 (b)) is based on instantaneous active and 
reactive power control. Instantaneous active and reactive power at PCC can be determined by 
using measured converter currents and grid voltages at PCC. Equation (4-16) can be applied 
to calculate the active and reactive power. Input real and imaginary power at PCC can also be 
estimated based on the converter currents, the dc-link voltage, and the converter switching 
states  [111]. In this case there is no requirement to measure the line voltages at the PCC.  
In V-DPC, there are no internal current control loops. Modulation unit is not required since 
the converter switching states are appropriately selected by a switching table based on the 
instantaneous errors between the commanded and estimated values of the active and reactive 
power  [12],  [111],  [112],  [115]. Due to the application of hysteresis controllers in V-DPC, 
converter output voltage has a variable switching frequency. Furthermore, because of the lack 
of current control loop, direct limitation of converter current is not possible.   
Virtual-flux-based control techniques 
Virtual-flux-based control techniques can be divided into virtual-flux-oriented control 
(VFOC) and virtual-flux-based direct power control (VF-DPC). Structure of VFOC is very 
Fig. 4-4  Block diagram of the voltage-oriented control (a) and the voltage-based direct power 
control (b)  
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similar to the structure of VOC presented in Fig. 4-4 (a). Instead of a voltage vector, virtual 
flux vector, which is defined as time integral of the line voltage, is used to define the rotating 
coordinate system  [12]. Application of the line voltage time integral instead of the line 
voltage is advantageous for supplies with distorted voltage  [111]. 
In virtual-flux-based direct power control (VF-DPC) active and reactive powers are estimated 
based on converter current and real and imaginary components of the virtual flux  [110]. 
Structure of VF-DPC is similar to the block diagram shown in Fig. 4-4 (b). In VF-DPC virtual 
flux vector of PCC is determined by using the line voltage at PCC, and the angle of the flux 
vector is used to identify the sector number.  
Like sensorless control strategies for induction motors, PWM active front end converters can 
be controlled by only using grid currents as feedback eliminating grid voltage sensors  [12], 
 [94],  [102],  [103],  [104],  [115]. In some sensorless techniques the grid voltage angle is 
estimated by considering the converter output voltage and voltage drop across the line 
inductor  [12]. It should be noted, however, that if the line inductance is used to estimate the 
projection angle, the steady-state performance (e.g. DPF) of the sensorless techniques will be 
sensitive to the accuracy of the inductance value used in the estimation.  
To summarize, in VOC and VFOC the rotating reference frame is aligned with grid voltage 
vector and grid virtual flux vector, respectively. Inner current control loops are applied to 
control the active and reactive power indirectly. A separate modulator (e.g. sinus-triangle 
PWM) is required. Similar to the FOC of IMs, the sampling frequency of current control loop 
is equal to the carrier frequency for SRS-PWM and twice the carrier frequency for            
ARS-PWM if a sinus-triangle PWM is applied. 
V-DPC and VF-DPF are very similar to the DTC of IMs. Active and reactive powers are 
controlled directly with hysteresis controllers, and no additional modulator is required. For a 
proper operation of the discrete hysteresis controllers a high sampling frequency                       
Technique Advantages Disadvantages 
VOC 
VFOC 
• Constant switching frequency 
• Low sampling frequency 
• Low cost A/D converters 
• Application of optimized PWM 
strategies possible 
• Inherent current control and 
current limitation 
• Requirement of coordinate 
projection and decoupling of 
active and reactive components 
• Dependence of current controller 
parameters to  filter parameters 
V-DPC 
VF-DPC 
• No current regulation loop 
• Avoidance of  coordinate 
projection 
• Decoupled control of active and 
reactive power 
• Requirement of high sampling 
frequency 
• Larger input filters than VOC at 
constant average switching 
frequency due to limitations of 
IEEE 519 compliance. 
Table 4.1 
Advantages and disadvantages of PWM active front end control strategies  [111] 
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(e.g. 10· fsw-20· fsw) is required. Hence, V-DPC and VF-DPC require more powerful 
processors  [111].  
Advantages and disadvantages of VOC, VFOC, V-DPC, and VF-DPC strategies are 
summarized in Table 4.1. Because of some advantages like lower sampling frequency and a 
constant switching frequency, VOC is a widely distributed control strategy for the PWM 
active front end converters. Distinct similarities between VOC and rotor flux-oriented control 
of induction machines especially concerning the parameter tuning of current PI controllers 
make it possible that the current controllers of induction machines can be applied directly in 
VOC. A constant switching frequency leads to a smaller input LCL-filter to meet the IEEE-
519 limits for the grid current harmonics. Regarding these features and advantages, VOC is 
investigated as control strategy for the grid side converter in this thesis.   
4.4 Voltage-oriented control  of PWM active front end converters  
As mentioned in the previous subchapter, VOC is structured based on current control in a 
rotating reference frame. In order to design the current controllers, a model of the converter in 
the rotating reference frame is required. Furthermore, for projecting the converter currents 
into the rotating reference frame, precise information about the angle of the reference vector is 
required. In this thesis, the rotating reference frame is considered to be synchronous to the 
PCC voltage vector. A phase-locked loop (PLL) is applied to determine the angle of the PCC 
voltage vector, which is required for the projection.  
In the following sections, mathematical model of a PWM active front end converter with L-
filter in a rotating reference frame synchronous to the PCC voltage vector is illustrated. Then, 
the structure of the applied PLL and PI-based current and voltage control loops are illustrated. 
Corresponding simulation and experimental results are also presented. 
4.4.1 d-q Model of PWM active front end converters with L-filter  
An α−β model of PWM active front end converters has been presented in Subchapter  4.2. 
Equations (4-10) and (4-14) present the mathematical model of a PWM active front end 
converter with L-filter. These two equations are required to be projeced into a rotating 
reference frame to obtain the d-q model. In the case that grid voltages at PCC are measured, a 
rotating frame fixed on PCC voltage vector can be defined as shown in Fig. 4-5. Then,  
converter current vector, converter output voltage vector as well as equations (4-10) and 
Fig. 4-5  Rotating reference frame fixed on the voltage vector of PCC 
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(4-14) should be projected into this rotating reference frame to describe a mathematical model 
of a PWM active front end converter in PCC voltage-oriented coordinate system.  
It is assumed that the switching frequency of converter is adequately high so that the 
converter current ripple at switching frequency is ignorable compared to amplitude of the 
fundamental component. Moreover, the PCC voltage is considered to have a sinusoidal 
waveform.  
From projecting (4-10) into rotating reference frame (multiplying by vPCCje ρ−
G
), the following 
voltage equation is derived: 
( )vPCCv v v vPCC PCC PCC PCC
j
j j j jG
PCC GC F G F G G
d e ie v e v R e i L j e i
dt
ρ
ρ ρ ρ ρω
−
− − − −− = + +
G
G G G G
GG GG G ,                            (4-17) 
where Gω  denotes the grid angular frequency ( PCCG vd dtω ρ= G ). 
Direct and quadrature components of (4-17) are     
,
, , , ,
,
, , ,
- 
- 
PCC
PCC PCC PCC PCC
PCC
PCC PCC PCC
v
GC dv v v v
GC d F F GC d G F GC q PCC d
v
GC qv v v
GC q F F GC q G F GC d
di
v L R i L i v
dt
di
v L R i L i
dt
ω
ω
⎧ = + − −⎪⎪⎨⎪ = + +⎪⎩
G
G G G G
G
G G G
,                                                              (4-18) 
where 
, , and PCC PCC
v v
GC d GC qi i
G G
 are direct and quadrature components of grid side converter current vector in 
the rotating reference frame synchronous to the voltage vector of PCC PCCv
G , 
, , and PCC PCC
v v
GC d GC qv v
G G
 denote direct and quadrature components of grid side converter output voltage 
in the rotating reference frame synchronous to the voltage vector of PCC, 
,
PCCv
PCC dv
G
 is direct component of the PCC voltage vector in the rotating reference frame 
synchronous to the voltage vector of PCC which equals the amplitude of PCCv
G .   
Obviously, using proper decoupling terms, the direct and quadrature current components can 
be controlled independently by direct and quadrature components of the converter output 
voltage, respectively.   
In VOC with a limited sampling frequency (e.g. fs = 2fsw) average values of converter currents 
and dc-link voltage are going to be controlled. Hence, voltage ripple of the dc-link has been 
ignored, and average values of the converter switching states are applied to determine the dc-
link voltage. From projecting (4-14) into the rotating frame, the following equation for the dc-
link voltage (ignoring the voltage ripple) is derived: 
( ), , , , ,32 PCC PCC PCC PCCv v v vdcdc GC d GC d GC q GC q dc MCdVC S i S i idt = ⋅ + ⋅ −G G G G .                                                                   (4-19)  
Parameters , , and PCC PCC
v v
GC d GC qS S
G G
 denote the average values of the direct and quadrature 
components of the converter switching states in the rotating reference frame synchronous to 
PCCv
G . ,dc MCi  is the average value of the machine side dc-link current. Following equation has 
been applied to determine the average values  
1( ) ( )
s
t
t T
s
x t x d
T
τ τ−= ∫ ,                                                                                                      (4-20) 
where, Ts  in (4-20) denotes the sampling time in discrete control.   
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For a 2L VSC with dc-link voltage of Vdc, (4-12) and the definition in (4-20) are used in order 
to relate the average values of the switching states to the converter output voltage as follows:  
, ,
, ,
( ) ( )1
( ) ( )
PCC PCC
PCC PCC
v v
GC d GC d
v v
dcGC q GC q
S t v t
VS t v t
⎡ ⎤ ⎡ ⎤=⎢ ⎥ ⎢ ⎥⎢ ⎥ ⎢ ⎥⎣ ⎦ ⎣ ⎦
G G
G G .                                                                                                  (4-21) 
Therefore, equation of the dc-link voltage can be represented as: 
( ), , , , ,32 PCC PCC PCC PCCv v v vdcdc GC d GC d GC q GC q dc MCdc
dVC v i v i i
dt V
= ⋅ + ⋅ −G G G G .                                                               (4-22)  
A block diagram of the grid side converter with L-filter based on (4-18) and (4-22) in a 
rotating reference frame fixed on the grid voltage vector at the PCC is depicted in Fig. 4-6. 
By projecting (4-16) into the rotating reference frame, following expression for the input 
active and reactive power of the converter is obtained: 
, , ,
, , ,
3
2
3
2
PCC PCC
PCC PCC
v v
GC PCC PCC d GC d
v v
GC PCC PCC d GC q
p v i
q v i
⎧ = ⋅⎪⎪⎨⎪ = − ⋅⎪⎩
G G
G G
.                                                                                                  (4-23) 
Equation (4-23) and the d-q model of the grid side converter presented in Fig. 4-6 show that 
the dc-link voltage (active power) and the DPF at PCC (reactive power) can be controlled 
indirectly by using the components of the grid side converter current on the d- and q-axis, 
respectively. In order to determine the direct and quadrature components of the converter 
current vector, the angle of the PCC voltage vector is required. Similar to the projection       
(3-37) in the previous chapter, the following projection can be applied to project the converter 
current vector into the rotating reference frame. 
Fig. 4-6  Block diagram of PWM active front end converter with L-filter in the d-q coordinate 
system synchronous to the PCC voltage vector  
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       (4-24)                        
Structure of the applied PLL to measure the angle of the PCC voltage vector 
PCCv
ρ G , which is 
required for the projection is illustrated in the following section.  
4.4.2 Structure of the applied PLL   
For a proper operation of VOC, a fast, stable, and distortion-free phase and frequency 
detection of PCC voltage vector is required. The three-phase PLL structure shown in          
Fig. 4-7 is used to detect the required phase and frequency  [82],  [83],  [101]. The phase 
voltages measured at the PCC are the inputs of the PLL. Considering the grid voltage 
definition in  (4-1), three-phase voltage of the PCC can be described as (4-25), where ,PCC llV  is 
the rms value of the line-to-line voltage at PCC and 
PCCV
θ  denotes the phase of  ,PCC av  at 0t =   
2
, ,3
22
, ,3 3
22
, ,3 3
( ) sin( )
( ) sin( )
( ) sin( )
PCC
PCC
PCC
PCC a PCC ll G V
PCC b PCC ll G V
PCC c PCC ll G V
v t V t
v t V t
v t V t
π
π
ω θ
ω θ
ω θ
⎧ = +⎪⎪ = + −⎨⎪ = + +⎪⎩
.                                                                          (4-25) 
These voltages are then projected into the PLL rotating reference frame using the angle of the 
PLL rotating frame ( )PLL tρ . If the angular frequency of the PLL PLLω equals the grid angular 
frequency Gω , the components of the PCC voltage vector in the PLL rotating frame 
( , ,,
PLL PLL
PCC d PCC qv v ) are dc signals.  
In the structure of the PLL in Fig. 4-7 a PI controller is applied to determine the PLL angular 
frequency based on the difference between the reference value for the direct component of the 
PCC voltage vector * ,
PLL
PCC dv  and the corresponding measure on ,
PLL
PCC dv . A feed-forward signal 
ffω  equal to the nominal grid angular frequency can be used to improve the PLL tracking 
performance  [83]. Magnitude of the reference signal * ,
PLL
PCC dv  determines the phase difference 
between the PLL rotating frame and the phase a of the PCC voltage ( ,PCC av ).  
Fig. 4-7  Structure of a three-phase PLL 
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If the reference signal is adjusted as * , 0
PLL
PCC dv = , then PLLρ  approaches the phase of ,PCC av  
( ( )
PCCPLL G v
t tρ ω θ= + )  [101]. Using the phase of ,PCC av , the voltage vector angle at PCC can 
be derived as follows for a symmetric three phase system: 
0
2,  ( )
PCC
t
v PLL PLL PLL dρ ρ π ρ ω τ τ= − = ∫G .                                                                              (4-26)                       
Considering the phase difference between the PCC voltage vector and the PLL rotating frame, 
the direct component of the PCC voltage vector in the rotating reference frame synchronous 
to PCCv
G  is determined as follows:  
, ,
PCCv PLL
PCC d PCC qv v=
G
.                                                                                                                     (4-27) 
In order to design the parameters of the PI controller of the PLL, a simplified linear model of 
PLL proposed by  [101] is applied. Using (4-25) and the projection defined in (3-37), direct 
component of the PCC voltage vector in the PLL rotating reference frame is: 
 2, ,3 sin(( ) )PCC
PLL
PCC d PCC ll G V PLLv V tω θ ρ= + − .                                                                         (4-28) 
For small values of ( )
PCCG V PLL
tω θ ρ+ − , equation (4-28) can be approximated by the following 
linear equation:  
2
, ,3 (( ) )PCC
PLL
PCC d PCC ll G V PLLv V tω θ ρ= + − .                                                                               (4-29)  
For a reference value equal to zero * , 0
PLL
PCC dv =  in Fig. 4-7, the PLL control loop for small 
signals is presented in Fig. 4-8. Ts,PLL is the PLL sampling time and a processing delay of one 
sampling time is considered in the PLL control loop. This control loop is a standard control 
loop similar to the speed control loop of induction machine drives. Similar to the design 
procedure of the speed control loop, symmetrical optimum was used to tune the parameters of 
the PLL PI controller. According to Table 3.5, the PI parameters in Fig. 4-8  are: 
2
, ,i PLL PLL s PLLT a T= ,                                                                                                                 (4-30) 
, 2
, ,3
1 ,  2P PLL PLL
PLL PCC ll s PLL
K a
a V T
= ≥ .                                                                                (4-31) 
where, aPLL is the PLL damping factor.  
By changing aPLL, PLL bandwidth can be controlled  [101]. For grids with distorted voltage 
(e.g. notched grids) pollutions normally do not affect the locking capability although they 
cause harmonics in the the PLL output. Selection of a high value of aPLL leads to a clean 
output of PLL despite the line distortions but reduces the bandwidth of the PLL. For utility 
Fig. 4-8 Simplified small signal model of the control loop of PLL 
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interface applications where the frequency does not change substantially a low value of aPLL 
could be used to obtain a quick lock at startup and later a suitable value to obtain a smooth 
PLL output  [101]. It should be mentioned that the bandwidth reduction leads to a poor PLL 
dynamics and is not an acceptable solution in the presence of an unbalanced grid voltage 
 [123]. The decoupled double synchronous reference frame PLL introduced in  [124] is 
recommended in the case of unbalanced notched grids.  
Structure of the VOC in this thesis is established according to Fig. 4-4 (a). Obviously, the 
current control and the dc-link voltage control are the main two parts of the applied control 
strategy. PI controllers are used for both control loops. The design procedure of the applied PI 
controller is illustrated in the following sections.     
4.4.3 PI-based current control 
As shown in Fig. 4-4 (a), current control loop is the inner control loop of VOC; therefore, the 
performance of the entire system strongly depends on the performance of the current control 
loop. The current control can be realized by different methods. A review of the recently used 
current control techniques for the three-phase voltage source PWM converters is presented in 
 [63]. Current controllers can be categorized into two main groups: current control in 
stationary frame (working with AC current components) and current control in rotating frame 
(working with DC current components). For each group, linear controllers (such as PI, state 
feedback, predictive control, etc.) or nonlinear controllers (such as hysteresis, fuzzy 
controller, etc.) can be applied. Using hysteresis controllers, the converter switching 
frequency depends on load parameters and varies with the ac voltage. Among linear 
controllers, PI controllers have a simple structure and are easy to implement with low cost 
microcontrollers. According to  [125], it is concluded that the rotating frame current 
controller has no steady-state error and therefore very good steady-state accuracy. Hence, PI 
controllers in a rotating frame are chosen as the current controllers in this thesis. A sinus-
triangle PWM with asymmetrical regular sampling ARS-PWM (Fig. 3-10 (b)) is applied as 
modulator in the block diagram shown in Fig. 4-4 (a). Peak-to-peak amplitude of the triangle 
signal is considered to be constant and equal to the nominal voltage of the dc-link Vdc,n. The 
current control loop comprises the converter model presented in Fig. 4-6, model of ARS-
PWM, and the processing delay. For simplicity, it is assumed that the semiconductor devices 
with ideal behavior have been used in the converter. Considering the dynamic model of the 
ARS-PWM presented in Section 3.4.2, output voltage of the grid side converter 
( , , , ,GC xv x a b c= ) are related to reference signals * , , , ,GC xv x a b c=  of the PWM as follows:  
*
, ,
,
1 ,  : , ,
1 0.5
dc
GC x GC x
dc n s
Vv v x a b c
V sT
= + ,                                                                               (4-32) 
where, Vdc is the actual dc-link voltage. 
 It is assumed that the PWM reference signals do not change significantly over a sampling 
period (sampling frequency is very much higher than the grid frequency, e.g. mf = 80). As 
mentioned above, the peak-to-peak amplitude of the carrier signal is kept constant and equal 
to the nominal value of the dc-link voltage Vdc,n. By projecting (4-32) into the rotating 
reference frame synchronous to the PCC voltage vector PCCv
G ,  following equation as the 
PWM model can be obtained 
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*
, ,
*
,, ,
1
1 0.5
PCC PCC
PCC PCC
v v
GC d GC ddc
v v
dc n sGC q GC q
v vV
V sTv v
⎡ ⎤ ⎡ ⎤=⎢ ⎥ ⎢ ⎥+⎢ ⎥ ⎢ ⎥⎣ ⎦ ⎣ ⎦
G G
G G .                                                                                        (4-33)  
Using (4-33) and the model of the converter shown in Fig. 4-6, a block diagram of the d-q 
model of the grid side converter comprising simple models of the ARS-PWM and processing 
delay is presented in Fig. 4-9. 
 Similar to the current control of IMs, the processing delay (equal to one sampling period of 
the current control loop) and the delay of ARS-PWM are approximated with a total delay of 
1.5Ts,cc where Ts,cc denotes the sampling period of the current control loop. Obviously, the 
current model in Fig. 4-9 is nonlinear (due to the multiplication of the input signal by Vdc) and 
there are coupling terms between current models on the d- and q-axis. The structure in       
Fig. 4-10 can be applied for linearization and decoupling the direct and quadrature 
components of the converter current vector. 
When applying the linearization and decoupling structure shown in Fig. 4-10 and the current 
Fig. 4-9  d-q model of PWM active front end converter with L-filter comprising models of the 
modulator and processing delay (input: PWM reference signals, output: converter currents)    
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Fig. 4-10  Block diagram of linearization and decoupling circuits of current control loops on the d-
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model of the converter presented in Fig. 4-9, the current control loop of the grid side 
converter with ARS-PWM and L-filter is simplified to the control loop shown in Fig. 4-11. 
It should be noted that due to the processing and PWM delays, a complete decoupling 
between direct and quadrature current control loops is not possible if the decoupling circuit in 
Fig. 4-10 is applied. A full decoupling is possible if the delays are compensated by using 
derivative terms as proposed in  [19]. However, application of derivative terms could lead to 
undesirable noise amplification. 
Voltage distortions of PCC in the rotating coordinate system are modeled as ,PLL
v
dis dqv
G
 at the 
converter output in Fig. 4-11.  
The current control loop in VOC is very similar to the current control loop of RFOC of IMs 
presented in Fig. 3-11. Similar to the design procedure of the current controller of IMs,  
technical optimum was applied to tune the parameters of the PI controller for the current 
control loop. According to Fig. 4-11 and Table 3.4, parameters of the current PI controller are 
designed as follows: 
,
F
i cc
F
LT
R
= ,                                                                                                                           (4-34) 
,
,
,  2
1.5
F
p cc cc
cc s cc
LK a
a T
= ≥ ,                                                                                                  (4-35) 
where, acc and Ts,cc denote the damping factor and the sampling period of the current control 
loop, respectively.        
4.4.4 PI-based dc-link voltage control 
As shown in Fig. 4-4, the voltage control loop of VOC comprises the current control loop and 
the voltage dynamics of the dc-link capacitor. According to Fig. 4-6, the dc-link voltage of the 
PWM active front end converter has a nonlinear model. However, PWM active front end 
converters operate usually at a constant dc-link voltage. Therefore a linear model around the 
converter operating point at steady- state was applied to tune the controller parameters.     
It is assumed that the converter operates at a desired dc-link voltage of *dcv  at unity power 
factor condition ( , 0PCC
v
GC qi =
G
). In steady-state, the dc-link voltage equals the desired value 
( *dc dcv v= ). Furthermore, if the filter voltage drop is ignored, the direct component of the 
converter output voltage is equal to the amplitude of the PCC voltage vector    
2
, ,3
PLLv
GC q PCC llv V=
G
.                                                                                                                 (4-36) 
Fig. 4-11  Block scheme of current control loop in VOC 
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Therefore, the linear model in Fig. 4-12 can be considered as the dc-link voltage model for an 
operating point with the dc-link voltage reference of *dcv  and unity power factor condition. 
The current control loop of Fig. 4-11 is approximated by a first order transfer function of 
*
, , ,1 (1 1.5 )PCC PCC
v v
GC dq GC dq cc s cci i a sT= +
G G
 in Fig. 4-12. The parameters of the PI current controller have 
been selected according to  (4-34) and (4-35).  
A PI controller is also applied to control the dc-link voltage. A block diagram of the dc-link 
voltage control loop with PI controller based on the linear model in Fig. 4-12 is shown in   
Fig. 4-13. Obviously, the voltage control loop in VOC is very similar to the speed control 
loop in RFOC presented in Fig. 3-13.  
Similar to the design procedure of the controller parameters for the speed control loop of 
RFOC, symmetrical optimum is used to tune the parameters of the voltage PI controller. 
According to Fig. 4-13 and using Table 3.5, following values for the PI parameters are 
derived: 
2
, ,1.5i vc vc cc s ccT a a T= ,                                                                                                              (4-37) 
,
*
,
,
,  2
1.84 PCC ll
dc
dc
p vc vcV
cc vc s ccV
CK a
a a T
= ≥ ,                                                                                   (4-38) 
where, avc denotes the damping factor of the dc-link voltage control loop.  
A detailed block diagram of the applied VOC comprising PLL, decoupling and linearization 
grids, and the PI controllers is shown in Fig. 4-14. In case of load disturbance, the PI 
controller of the voltage control loop responses to the dc-link voltage drop. If a big damping 
factor acv is applied to avoid oscillation of the voltage control loop, the voltage control loop 
will be slow and a large transient dc-link voltage drop will occur. 
Fig. 4-12  Linear model of dc-link voltage at unity power factor and a dc-link voltage reference of 
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The dc-link current of the machine side converter ,dc MCi  can be estimated and a feed-forward 
signal ,dc ffi  corresponding to the estimated value can be added to the current set point on the 
d-axes in order to reduce the dc-link voltage drop in case of a load disturbance  [20]. If an 
induction motor drive with RFOC is connected to the dc-link, set point values of the stator 
voltages and currents (see Fig. 3-7) in the rotating reference frame can be applied to estimate 
the active and reactive output power of the machine side converter in a method similar to the 
procedure carried out to obtain equation (4-23). If the power loss of the machine side 
converter is ignored, the machine side dc-link current can be estimated using the dc-link 
voltage and the machine side converter output active power as follows: 
* * * *
, , , ,
, *
( )3
2
S S S S
R R R R
S d S d S q S q
dc MC
dc
v i v i
i
V
ψ ψ ψ ψ+=
G G G G
.                                                                                          (4-39)  
Considering the gain of the voltage control loop, the following feed-forward signal can be 
applied in Fig. 4-14 as the feed-forward signal 
* * * *
, , , ,
,
,
( )3
2
S S S S
R R R R
S d S d S q S q
dc ff
PCC ll
i v i v
i
V
ψ ψ ψ ψ+=
G G G G
.                                                                                         (4-40) 
Fig. 4-14  Detailed block diagram of VOC 
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4.4.5 Performance investigation of the voltage-oriented controlled PWM 
active front end converter at symmetrical sinusoidal grid voltage  
The performance of VOC for PWM active front end converters is investigated using 
simulation and experimental results. Simulations are carried out in the SIMULINK. A block 
diagram of the applied PWM active front end converter test bench is shown in   Fig. 4-15. The 
Fig. 4-15  Block diagram of the PWM active front end converter test bench with a resistive load 
Control system
2LVSC
R
L-filter
Grid
PCC
iGC,a
vG,ll,a
LG
Vdc
Cdc
Resistive load
Table 4.2 
Basic parameters of the grid and the PWM active front end 
Parameter Value 
Grid  
Nominal grid effective line-to-line voltage, VG,ll,n 400 V 
Base voltage of grid per-unit system, Vb,G 2, , , ,13b G G ll nV V=   
Nominal grid frequency, fG 50 Hz 
Base angular frequency, ωb,G ωb,G = 2π fG  rad/s 
Grid stray inductance, LG LG = 51 μH   
Input L-filter  
L-filter inductance, LF 1.5 mH 
Resistance of the L-filter inductor, RF 6.4 mΩ 
Grid side converter  
IGBTs   SKM400GB128  ( VCE =1200 V, IC =400 A) 
Nominal effective converter phase current , IGC,n 70 A 
Base current of grid per-unit system, Ib,G Ib,G = 2 IGC,n,1  
Modulation Asymmetrical regular sampled sinus-triangle PWM  
Carrier frequency, fC 4.05 kHz 
Switching frequency ,  fsw 4.05 kHz 
dc-link capacitance, Cdc  9 mF 
Nominal dc-link voltage, Vdc,n 700 V 
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test bench comprises a 2L VSC with a resistive load. The converter is connected to the grid at 
the PCC through an L-filter. A 400 kVA line transformer (stray inductance LG = 51 μH) 
provides the grid voltage at the PCC. The basic parameters of the grid and the converter are 
depicted in Table 4.2.  
The block diagram of the control system in Fig. 4-14 is used in simulation and experimental 
investigation. An ARS-PWM with a carrier frequency of fC = 4.05 kHz (mf = 81) is used as the 
modulator. The sampling frequencies of the PLL, the current control loop, and the voltage 
control loop are   fs = 8.1 kHz (twice the carrier frequency).   
The damping factor of the PLL is considered to be aPLL =30. This damping factor leads to a 
PLL cut-off frequency of ωcut-off = 55 Hz. With this bandwidth, the PLL output will be 
synchronized to the phase a of the PCC voltage within one cycle, and the PLL output remains 
clean in spite of line distortions  [101]. 
The damping factors of the current control loop and the dc-link voltage control loop are acc= 3 
and avc = 4, respectively. A large damping factor of the voltage control loop is selected to 
obtain a damped control loop and to reduce noise amplification in the implementation.    
The simulation and experimental results for the step response of the current control loop of 
the VOC are presented in Fig. 4-16(a) and Fig. 4-16(b), respectively. A step reference of 1 pu  
(99 A) is applied in the current control loop of the q-axis. All parameters are considered to be 
the same in simulation and experiment. Obviously, simulation and experimental results are 
well comparable. It can be seen that the current step response has no overshoot (acc= 3) and 
the settling time of the step response is about 2 ms. By using the control structure in  Fig. 4-14 
and the PI parameters in (4-34) and (4-35), the current control loop becomes independent of 
filter parameters (Lf, Rf ), and the time constant of the current control loop becomes   
1.5accTs,cc = 0.56 ms. 
The dc-link voltage variation and the converter phase current for nominal load disturbance are 
presented in Fig. 4-17. The dc-link voltage reference value is 700 V, and a rated load 
disturbance of 48.5 kW is applied in both simulation and experiment. The results are shown in 
Fig. 4-17 (a) and Fig. 4-17 (b), respectively. Obviously, simulation and experimental results 
are comparable. The set point of the converter current on the direct axis is limited to 1.5 pu in 
both simulation and experiment. The dc-link voltage drop is about 6% of the nominal dc-link 
voltage Vdc,n = 700 V. The load disturbance is rejected in less than 30 ms in both simulation 
and experiment results.  
Fig. 4-16  Step response of the current control loop of VOC: (a) Simulation results; (b) 
Experimental results; Ib,G = 99 A  
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As mentioned, one of the interesting features of the PWM active front end converters is the 
sinusoidal input current with the current ripple occurring at switching frequency. However, 
this statement is valid only if the PWM active front end converter is connected to an ideal 
distortion-free grid. The line-to-line voltage of the PCC and the grid side converter current at 
steady-state and nominal load are shown in Fig. 4-18. A distortion-free voltage at the PCC is 
applied in the simulation (Fig. 4-18 (a)), and the converter current has a sinusoidal waveform 
with the current ripple at the switching frequency. In the experimental results presented in       
Fig. 4-17  The dc-link voltage and the converter phase current for nominal load disturbance of 
48.5 kW: (a) Simulation results; (b) Experimental results; Vdc,n = 700 V, Ib,G = 99 A 
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Fig. 4-18  PCC line-to-line voltage and the PWM active front end converter phase current at 
nominal load and steady-state: (a) Simulation results; (b) Experimental results; Vb,G = 327 V, 
Ib,G = 99 A 
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Fig. 4-18 (b), the grid voltage at the PCC contains slight low-order harmonics, which are 
related to the saturation of the mains transformer and other parallel nonlinear loads connected 
to the grid at the PCC such as diode and thyristor rectifiers. Apparently, the converter current 
is slightly affected by these distortions of the PCC voltage.  
PWM active front end converters operate in parallel with nonlinear loads like diode and 
thyristor converters in many industrial applications. Nonlinear loads cause voltage distortions 
(e.g. voltage notches) which can affect the performance of the PWM active rectifiers  [98]. 
The steady-state behavior of the PWM active front end converters in the presence of parallel 
thyristor converters is depicted in the following section.  
4.4.6 Influences of the grid voltage distortions on the steady-state 
performance of voltage-oriented control 
Effects of grid voltage distortions caused by thyristor converters on the steady-state 
performance of a PWM rectifier with dc-voltage link for low-voltage applications are 
presented in this section. Disturbance transfer function of the current control loop is used to 
analyze the effects of the grid distortions. Furthermore, influences of the current controller 
damping factor, PLL parameters and the filter inductance on the generated current harmonics 
are presented. For existing grid voltage harmonics, amplitude of the corresponding current 
harmonics are determined and compared to current harmonics measured by using a 400 V 
44 kW test bench consisting of a PWM active front end converter with voltage dc-link in 
parallel to a thyristor converter. Results of the investigations carried out in this section have 
been presented in  [98].  
Nonlinear loads such as diode and thyristor rectifiers cause substantial current and voltage 
harmonics which decrease the power quality of grids at PCC. Additional problems caused by 
an input line voltage distortion include a significant distortion of the input current waveforms 
and an increase of the dc capacitor current and voltage ripple. Performance of PWM active 
front end converters applying different control schemes to eliminate the dominant line current 
harmonics under different line voltage conditions has been investigated in recent publications 
(e.g.  [87],  [114],  [120],  [121],  [128]). Although PWM three-phase ac/dc/ac converters are 
increasingly applied in parallel to existing thyristor converters (e.g. dc drives), the influences 
of  a thyristor converter operation on the performance and the current control loop of a PWM 
Fig. 4-19  Low-voltage PWM active front ends and thyristor converters connected to PCC 
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active front end converter with voltage-oriented control has not been investigated in the 
literature in detail so far.  
A typical configuration of PWM ac/dc/ac converters and ac/dc thyristor converter fed drives 
for low-voltage applications is presented in Fig. 4-19. PWM active front end converters and 
thyristor converters are connected in parallel to the grid at the PCC. In several industrial 
applications like in the paper and chemical industry, PWM active front end converters 
commonly operate at low voltages in parallel to thyristor converter fed dc drives. 
Corresponding conditions can be found in a large variety of currently existing industrial 
applications. For example, such configurations have been recently applied to the newest hot 
and cold rolling mills.  
A block diagram of the applied test bench to investigate the steady-state performance of a 
PWM active front end converter with VOC connected to a distorted grid is depicted in       
Fig. 4-20. The power part of the test bench is illustrated in Fig. 4-21 in more detail.  
Fig. 4-21  A detailed block diagram of the test bench power part 
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Fig. 4-20  A block diagram of the  test bench 
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The basic parameters of the IM and the machine side 2L VSC are presented in Table 3.10 and 
Table 3.11 of the previous chapter. Specification of the grid, input filter of the PWM active 
front end converter, and the grid side converter are presented in Table 4.2. The IM and the 
DCM are coupled to configure a motor-generator system. The DCM is fed by a four-quadrant 
thyristor converter (4Q-B6C) which allows speed, torque, and armature current control. The 
parameters of the DCM and the thyristor converter are listed in Table 4.3.  
The induction machine is connected to an inverter which realizes torque and speed control on 
the basis of a rotor-flux-oriented control. A large dc-link capacitor (46 Ws / kVA) is applied 
to reduce the dc-link voltage ripple to less than 1% of the dc-link voltage (Vdc = 700 V) and to 
decrease the effects of the induction motor current harmonics on the active rectifier line 
current harmonics. The maximum value of the dc-link voltage ripple is 2.8% if a typical 
designed dc-link capacitance of 13 Ws/kVA is used. Fig. 4-22 (a) shows the thyristor 
converter and its grid side inductor (Ls) connected to the PCC. The PWM active front end 
converter and its grid side L-filter are shown in Fig. 4-22 (b) and Fig. 4-22 (c). 
 
Fig. 4-22  (a) Thyristor converter and the line inductor; (b) grid side converter; (c) input L-filter of
the PWM active front end 
(b) (c)
 
(a) 
Parameter Value 
DC Machine   
Nominal mechanical power 84.6 kW 
Nominal speed  2710 1/min 
Nominal torque  298 Nm 
Nominal armature voltage 400 V 
Nominal armature current 229 A 
Thyristor converter (4Q-B6C)  
Type PAD 664A V5 
Nominal voltage 400 V/50 Hz 
Nominal current 350 A 
Nominal power 147 kW 
Filter inductance, Ls,4Q-B6C 82 μH 
Table 4.3 
Basic parameters of the dc machine and the thyristor converter 
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4.4.6.1. Performance of the current control loop of VOC for a polluted 
grid 
Distortions of the grid voltage as a result of nonlinear loads such as diode and thyristor 
rectifiers and also saturation of transformers can be modeled as a distortion in the current 
control loop added to the PWM converter output as shown in Fig. 4-11. In order to model the 
voltage harmonics in the rotating frame synchronous to the fundamental positive sequence of 
the PCC voltage, a voltage harmonic with hth order is assumed. Considering the converter 
model in the stationary reference frame described in (4-10), the model of the grid side 
converter with input L-filter for voltage and current harmonic vectors with hth order is as 
follows: 
( ), , , ,, , , ,ˆ ˆ ˆ ˆ= + v i i vPCC h GC h GC h GC hj jj jPCC h F GC h F GC h GC ndV e L I e R I e V edt θ θθ θ+G GG G ,                                         (4-41) 
where 
,,
ˆ  and 
PCC hPCC h v
V θ G  are amplitude and phase angle of the PCC voltage harmonic vector 
,, ,
ˆ
PCC hPCC h PCC h v
v V θ= ∠ GG , 
,
,
ˆ  and 
GC h
GC h iI θG  denote amplitude and phase angle of the grid side converter current harmonic 
vector 
,
, ,
ˆ
GC h
GC h GC h ii I θ= ∠ G
G
, 
,,
ˆ  and 
GC hGC h v
V θ G  being amplitude and phase angle of the grid side converter output voltage 
harmonic vector 
,, ,
ˆ
GC hGC h GC h v
v V θ= ∠ GG . 
The projection presented in (3-4) has been applied to determine the voltage and current 
harmonic vectors.  
The vector arguments (
, ,,
, ,
PCC h GC hGC h
v viθ θ θGG G ) can be represented as a function of the fundamental 
positive sequence of the PCC voltage vector argument at steady state as below: 
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,                                                                                                   (4-42)  
where 
PCCv
ρ G denotes the phase angle of the fundamental positive sequence of the PCC voltage vector, 
,0, PCC hv
θ G , 
, 0, conv nv
θ G , and 
, 0, conv nv
θ G  are the phase angles of the corresponding vectors at t = 0. 
Furthermore, n is a positive or a negative integer for harmonics with positive sequences        
(n = h) or negative sequences (n = -h), respectively.  
Projecting (4-42) into the rotating reference frame synchronous to the fundamental positive 
sequence of the PCC voltage vector results in: 
, ,
, , , , , , , , ( - )
GC dq h
F F GC dq h PCC dq h GC dq h G GC dq h
di
L R i v v j i
dt
ω+ = +
G G GG G ,                                                   (4-43) 
where 
, ,PCC dq hv
G  denotes the voltage harmonic vector of the PCC in the rotating reference frame,  
, ,GC dq hi
G
 is the grid side converter current harmonic vector in the rotating reference frame, 
, ,GC dq hv
G  being the grid side converter output voltage harmonic vector in the rotating reference 
frame. 
It is noticeable that all voltage and current harmonics in the rotating frame are ac signals of 
frequencies different from those of the corresponding line voltage and current harmonics as 
presented in the following equation: 
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Applying the real and imaginary parts of , ,- g dq g nj iω G  as the decoupling terms, the last term in  
(4-43) is compensated for and, similar to the converter model for the fundamental positive 
sequence, a first order system is obtained as the converter model for the hth order harmonic. 
Consequently, the current control loop in Fig. 4-11 can be used to investigate the influences 
of the grid distortions on the converter currents.   
Considering the current control loop in Fig. 4-11, the transfer function corresponding to the 
hth order harmonic is: 
, , , ,
, , ,, ,
ˆ (1 )(1 0.5 )1
ˆ ( ) (1 )(1 0.5 ) /(1.5 )
GC dq h s cc s cc
F F s cc s cc F cc s ccPCC dq h
I sT sT
R L s sT sT R a T sV
+ += ⋅+ + + + .                               (4-45) 
For a distorted symmetrical grid, the voltage harmonics and their positive (+) or negative (-) 
natural phase sequence in stationary (α-β) and rotating (d-q) coordinate systems are listed in 
Table 4.4. Assuming a balanced system, the phase sequence indicates the harmonic space 
phasor rotational direction. By projecting (4-41) into the fundamental reference frame, the 
harmonic order is increased (positive sequence) or decreased (negative sequence) as described 
in Table 4.4. 
Consequently, in order to calculate the current harmonic amplitude caused by an hth order 
PCC voltage harmonic in steady-state, the frequency in  (4-45) should be set as follows: 
  ( -1) ;  for harmonics with positive sequence
  (1- ) ;  for harmonics with negative sequence
G
G
s j n
s j n
ω
ω
=⎧⎨ =⎩
.                                                   (4-46) 
For harmonics with positive sequence, n is a positive integer (n = h) and for harmonics with 
negative sequence, n is a negative integer (n = - h).  
Bode diagram of the current harmonics transfer function in (4-45) and the bode diagram of 
the input L-filter are shown in Fig. 4-23 using the parameters presented in Table 4.2. The 
Bode diagram of the current control loop for the line distortions has two cut-off frequencies. 
The cut-off frequency at low frequencies is related to the ability of the current control loop to 
reject the low-order current harmonics. Obviously, the current control loop is fast enough to 
reject the low-order grid voltage harmonics (lower than 0.5 Hz). The second cut-off frequency 
is related to the grid side filter. Harmonics with a higher order (higher than 800 Hz) are 
attenuated because of the high value of the inductor impedance for higher frequencies. 
Table 4.4 
Harmonics order in stationary (α-β) and rotating (d-q) reference frame 
Harmonic order in stationary reference frame Harmonic order in rotating reference frame 
1+, 4+, 7+, 10+, 13+, 16+…k+ 0, 3+, 6+, 9+,12+, 15+ …(k-1)+ 
2-, 5-, 8-, 11-, 14-, 17- …(k+1)- 3-, 6-, 9-, 12-,15-, 18-…(k+2)- 
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Varying the current controller’s damping factor (acc ≥ 2) and the line side inductance changes 
the behavior of the current control loop against a distorted grid. A lower damping factor     
(acc =2) leads to an increase in the current control loop bandwidth and reduces the gain of the 
current control loop for line voltage harmonics as shown in Fig. 4-24 (a). It is noticeable that 
a high current control loop bandwidth will cause problems like noise amplification. 
A higher grid side inductance also leads to a better harmonics rejection. The Bode diagram of 
the current control loop for voltage distortion as input is shown in Fig. 4-24 (b) for two 
different line inductances.  
Provided that the line voltage harmonics are located at the second corner of the closed loop 
Bode diagram, the current controller is not able to reject the effects of the line voltage 
distortions significantly, even with a low damping factor and a high value of the line 
inductance. Therefore, the grid voltage harmonics in this range will cause current harmonics 
with considerable amplitudes. 
Fig. 4-24  Bode diagram of the disturbance transfer function of VOC for various damping 
factors of PI controller and the filter inductance: (a) with a constant line inductor (LF = 1.5 mH);
(b) with a constant damping factor of PI controller (acc = 3) 
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4.4.6.2. Simulation and experimental results 
The measured line-to-line voltage of the thyristor converter ( 4 - 6 , ,Q B C ll av  in Fig. 4-21) and the 
PCC ( , ,PCC ll av  in Fig. 4-21) are shown in Fig. 4-25 where the thyristor converter operates at a 
load of 44 kW. Furthermore, Fig. 4-25 illustrates the line current of the thyristor converter 
(i4Q-B6C,a in  Fig. 4-21) and shows that the voltage of the PCC is notched during the converter 
current commutation. Line voltage notching is periodic in nature and causes low-order odd 
voltage harmonics (5th, 7th, 9th…). The effects of this voltage harmonics on the phase current 
of the PWM active front end converter are investigated in this section using simulation and 
experimental results. MATLAB / SIMULINK are used in the simulations. 
Table 4.5 summarizes the simulation results for the effects of the PLL parameter, current 
controller attenuation factor, and line filter inductance on the amplitude of the PWM active 
front end converter current harmonics. In part (a) of Table 4.5, the damping factor of the PLL 
(aPLL) and the current control loop (acc) are 30 and 3, respectively. The inductance of the input 
L-filter equals 1.5 mH. Current harmonics obtained from simulation and determined by using 
(4-45), (4-46), and the voltage harmonics amplitude are presented. The current harmonics 
obtained from simulation and the calculated current harmonics are well comparable. Fig. 4-26 
shows the simulation results for the grid voltage, the grid current and their harmonic spectra 
corresponding to part (a) of Table 4.5.  
In part (b) of Table 4.5, the simulation results for the PLL with a smaller damping factor      
(aPLL = 3) are presented. These results show that a smaller damping factor leads to increased 
amplitude of the 5th harmonic in the grid current, but the higher harmonic orders are not 
changed significantly.  
The current control loop damping factor is reduced to acc = 2, and the effect of the reduction 
of the current controller damping factor on the current harmonics is presented in part (c) of       
Table 4.5. This reduction by 33% in damping factor leads to a 19% decrease in the amplitude 
of the 5th current harmonic while the amplitude of current harmonics with a higher order 
increased as expected according Fig. 4-24 (a).  
According to Fig. 4-24 (b), using a higher value of the filter inductor will reduce the 
amplitude of the current harmonics significantly. The simulation results of using a line filter 
with LF =3 mH are shown in part (d) of Table 4.5.  
Fig. 4-25  (a) Line-to-line voltage of the thyristor converter (v4Q-B6C,ll,a); (b) the PCC line-to-line 
voltage (vPCC,ll,a ); (c) phase current of the thyristor converter (i 4Q-B6C,a) 
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Table 4.5 
PCC voltage harmonics and current harmonics of the PWM active front end converter in percent of 
the base voltage and current (simulation results), Vb,G = 327 V, Ib,G = 99A 
Harmonic order (h) 5 7 11 13 17 19 
(a) aPLL= 30, acc = 3, LF = 1.5 mH       
Amplitude of the line-to-line voltage harmonics (%) 2.65 0.88 1.89 1.11 1.75 1.19 
Calculated current harmonics (%) 1.60 0.52 0.70 0.41 0.46 0.31 
Simulated current harmonics amplitude (%) 1.61 0.70 0.83 0.48 0.52 0.34 
Calculated / Simulated (%) 99 74 84 85 88 91 
(b) aPLL= 3, acc = 3, LF = 1.5 mH       
Amplitude of line-to-line voltage harmonics (%) 2.65 0.87 1.91 1.11 1.75 1.18 
Simulated current harmonics amplitude (%) 1.85 0.70 0.85 0.43 0.54 0.34 
Variation in current harmonics compared to (a) (%) 15 0 2.4 -10 4 0 
(c) aPLL= 30, acc = 2, LF = 1.5 mH       
Amplitude of line-to-line voltage harmonics (%) 2.67 0.90 1.89 1.13 1.77 1.21 
Simulated current harmonics amplitude (%) 1.30 0.67 0.87 0.57 0.63 0.42 
Variation in current harmonics compared to (a) (%) -19 -4.3 2 18 21 24 
(d) aPLL= 30, acc = 3, LF = 3 mH       
Amplitude of line-to-line voltage harmonics (%) 2.70 0.90 1.94 1.16 1.73 1.26 
Simulated current harmonics amplitude (%) 0.78 0.43 0.41 0.27 0.29 0.18 
Variation in current harmonics compared to (a) (%) -52 -39 -50 -44 -44 -47 
Fig. 4-26  Simulation results for the steady-state performance of the active front end converter
connected to a notched grid: (a) grid line-to-line voltage at the PCC and the corresponding 
harmonic spectrum; (b) phase current of the active front end converter and the corresponding 
harmonic spectrum; Vb,G =327,  Ib,G = 99 A 
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Obviously, an increase in the filter inductance by 50 % reduces the amplitude of the 5th order 
current harmonic by about 50% and the higher order harmonics are reduced by 39% - 50%.  
The steady-state performance of the active front end converter is also evaluated practically 
under notched grid conditions. The measured PCC line-to-line voltage and its harmonic 
spectrum are depicted in Fig. 4-27(a). The parameters of the PWM converter and the PLL are 
chosen according to the part (a) of Table 4.5. The measured grid phase current of the active 
front end converter and the related harmonic spectrum are shown in Fig. 4-27(b). It can be 
seen that the 5th and 7th harmonics of the grid current cannot be damped satisfactorily.  
The measured and calculated results are also summarized in Table 4.6 part (a). The amplitude 
of the line voltage harmonics and equations (4-45) and (4-46) are used to calculate the 
amplitude of the current harmonics. The fundamental amplitude of the line-to-line voltage and  
Fig. 4-27  Experimental results for the steady-state performance of the active front end converter
connected to a notched grid: (a) the PCC line-to-line voltage and the corresponding harmonic 
spectrum; (b) phase current of the active front end converter and the corresponding harmonic 
spectrum, LF = 1.5 mH (0.143 pu); (c) phase current of the active front end converter and the 
corresponding harmonic spectrum, LF = 3 mH (0.286 pu); Vb,G = 327, Ib,G = 99 A 
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the grid side converter current are 550 V and 101 A, respectively. Current and voltage 
harmonics with amplitudes below 5% are considered as measurement error. 
The main reasons for the difference between measured and calculated values in Table 4.6 are: 
• Dead time effects are not considered in the simulations and in the transfer function (4-45). 
The converter’s dead time is considered to be 2μs and produces harmonics of 6n ±1 (n = 1, 
2, 3…) in the converter output voltages which affects the grid current,  
• The applied approximation in the modeling of the PWM and processing delays (both of 
them are modeled as simple first-order delay), 
• Distortions in the measured voltage cause the PLL to produce a distorted grid voltage angle 
because of its incomplete attenuation of the angle distortion.  
As shown in Table 4.5, solely a larger line inductor leads to a reduction in the amplitude of all 
current harmonics. The experimental results for the steady-state performance of the PWM 
active front end converter with a greater value of the filter inductance (LF = 3 mH) are 
presented in Fig. 4-27 (c). The damping factors of the PLL and the current controllers are 30 
and 3, respectively. The measurement results are given in Table 4.6 part (b). The experimental 
results confirm the simulation results presented in Table 4.5 part (d). 
To summarize; assuming symmetrical sinusoidal grid voltages and a constant dc-link voltage, 
the widely spread voltage-oriented controlled PWM active front end converters generate grid 
current harmonics in carrier bands of n times the switching frequency, which are usually 
sufficiently damped by moderate inductive filters in industrial grids. However, grid voltage at 
the PCC is substantially distorted by the commutation of thyristors if PWM active front end 
converters and thyristor converters are operated in parallel. In this case, voltage-oriented 
controlled PWM active front end converters are not able to suppress low-order current 
harmonics (e.g. 5th and 7th) if conventional state-of-the-art PI current controllers are applied. 
The use of faster PI current controllers decreases the lower current harmonics (e.g. 5th and 7th) 
but increases the higher current harmonics (e.g. >11th). An increase in the filter inductor leads 
to a significant damping of all current harmonics between grid and switching frequency. 
However, additional costs, size and weight of an increased inductor as well as the limitation 
of the maximum dc-link voltage and the dynamic performance prevent the use of large filter 
Table 4.6 
Measured voltage and current harmonics of the active front end converter for a notched grid in 
percent of the base voltage and current, Vb,G = 327, Ib,G = 99 A 
Harmonic order (h) 5 7 13 17 
(a) aPLL= 30, acc = 3, LF = 1.5 mH     
Amplitude of PCC line-to-line voltage harmonics (%) 4.49 1.7 1.33 3.19 
Calculated amplitude of current harmonics (%) 2.7 1.00 0.53 0.86 
Measured current harmonics amplitude (%) 4.14 1.24 0.65 0.82 
Calculated / Measured (%) 66 81 82 105 
(b) aPLL= 30, acc = 3, LF = 3 mH     
Amplitude of PCC line-to-line voltage harmonics (%) 4.2 1.07 1.05 2.84 
Measured current harmonics amplitude (%) 2.1 - - - 
Variation in current harmonics compared to (a) (%) -49 - - - 
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inductors. Obviously, the application of control schemes like individual harmonic control 
overriding current controller  [117],  [118] and Multi-Resonant current controllers  [96],  [108], 
 [109], which are able to suppress harmonic currents at distorted grids, are the most attractive 
solution if sinusoidal grid currents are required in industrial applications where thyristor 
converters operate in parallel to self-commutated PWM active front end converters. 
4.5 Input filter design for PWM active front end converters 
An inductance is the most simple filter configuration between a PWM voltage source 
converter and the grid. However, the limited maximum dc-link voltage and dynamic 
performance of a converter with common switching frequencies as well as the substantial 
costs and size of the inductance prevent the use of a pure inductive filter for medium- and 
high-power converters if grid standards have to be guaranteed (e.g. IEEE-519).  
The existing application of an LCL-filter is an attractive solution to overcome these problems. 
The higher harmonic attenuation of the LCL-filter permits the use of lower switching 
frequencies to meet the harmonic limits presented in the standards (e.g. IEEE-519-1992  [97]).  
The design of the LCL-filter components according to the given maximum current harmonics 
(e.g. IEEE-519-1992) is a complex task. The reference  [107] presents a design procedure 
using the trial-and-error method. The selection of the initial values for the converter current 
ripple and the filter capacitance absorbed reactive power, especially, complicates the design 
procedure. Furthermore, the design of the converter side inductance for a selected converter 
current ripple is not addressed in this reference. Basic analytical expressions to calculate the 
upper limits of the filter inductance, the filter capacitance, and the converter current ripple are 
presented in  [12],  [43],  [75],  [119]. Reference  [100] describes a design procedure where the 
maximum converter current ripple determines the design of the filter inductance and the filter 
capacitance is chosen based on the reactive power. Basic criteria for an LCL-filter design on 
the basis of the filter attenuation factor for the grid current harmonics at switching frequency 
are presented in  [129]. However, so far a precise and clear design procedure considering the 
control reserve limitation and the amplitudes of the grid current harmonics has not been 
presented.  
In this thesis, an iterative procedure to design the L- and LCL-filter parameters considering 
the most significant grid current harmonics is proposed based on the guidelines presented in 
 [107]. The procedure uses the analytical expression of the converter voltage harmonics by 
Bessel functions. As an example, the stored energy of the filter components as a measure for 
the expense of the passive components is considered to compare different filter designs. The 
structure of the active front end converter used to investigate the filter design procedure and 
the system performance is presented in Fig. 4-28. The interface between grid and converter is 
an L-filter or an LCL-filter to damp the current harmonics injected into the grid. The filter 
components are considered to be variable to study the filter performance for various filter 
designs. A 2L VSC with a carrier frequency of 4.05 kHz is used as power converter. An 
asymmetrical regular sampled PWM (ARS-PWM) is applied as modulator. The basic 
parameters of grid and the grid side converter are presented in Table 4.2.  
The input L- and LCL-filters are designed to meet the harmonic distortion limits according to 
IEEE-519-1992. Table 4.7 shows the IEEE-519-1992 definitions for the current harmonic 
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limits at PCC  [97]. Considering the capability of the PWM converter to operate at power 
generation mode, the spectra content of the grid currents around the switching frequency and 
multiples of the switching frequency should be attenuated to be lower than 0.3%. It should be 
noted that in the design procedure of both L-and LCL-filters, the resistance of the filter 
inductors is assumed negligible in comparison to the inductive reactance at the switching 
frequency. Results of the investigations carried out in this section are presented in  [99]. 
4.5.1 L-filter design procedure 
A single-phase representation of the PWM active front end converter with L-filter is shown in 
Fig. 4-29 (a). There are upper and lower limits for the total filter inductance LF,t = LG+LF. The 
upper limit of the total inductance is related to the limited maximum filter voltage drop at a 
limited dc-link voltage for a given power semiconductor voltage class. The lower limit of the 
total inductance is caused by the limitations of the grid current harmonics (e.g. IEEE-519).  
Upper limit of the L-filter inductance 
The converter is considered to operate with its maximum output voltage (maximum 
modulation depth in the linear range) at rated current in order to determine the upper limit 
Fig. 4-28  Three-phase active front end converter with L- and LCL-filter 
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Cdc
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CF
L / LCL filter
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LF, G
PCC
LG iGC,a
vG,a iG,a
aGC
bGC
cGC
NG
Maximum odd harmonic current distortion (in percent) of IG for general distribution 
systems (120V–69kV) 
ISC / IG h <11 11< h <17 17< h <23 23< h <35 35< h 
< 20* 4.0 2.0 1.5 0.6 0.3 
20 < 50 7.0 3.5 2.5 1.0 0.5 
50 < 100 10.0 4.5 4.0 1.5 0.7 
100 < 1000 12.0 5.5 5.0 2.0 1.0 
> 1000 15.0 7.0 6.0 2.5 1.4 
ISC     : grid short circuit current. 
IG     : maximum demand grid current. 
Even harmonics are limited to 25% of the odd harmonics. 
*All power generation equipment is limited to this value of current distortion.  
Table 4.7 
Current harmonic limits in percentage of rated current amplitude according to IEEE-519 
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inductance corresponding to the maximum filter voltage drop. If the fundamental component 
,1Gv
G  of the grid voltage vector GvG  is considered as the reference vector (Fig. 4-29 (b)), the 
fundamental component of the filter inductance voltage drop vector at steady state is: 
,1 ,1 ,1-   ( )G GC G G F Gv v j L L iω= + GG G ,                                                                                              (4-47) 
where 
,1 ,1,1 , ,1 ,1 ,1 ,1 , ,1
 2 0,   2 ,    2 ,    2
GC GG G n GC GC v G G n G Gi
v V v V i I fθ θ ω π= ∠ = ∠ = ∠ =GG GG G , 
, ,1G nV  is the fundamental component of the grid rms rated phase voltage, 
,1GCV  denots the fundamental component of the grid side converter rms phase voltage, 
, ,1G nI  being the fundamental component of the grid rated rms phase current. 
The upper limit filter inductance at the rated grid current can be calculated by substituting the 
maximum amplitude of the converter phase voltage for ,1GCv
G  in (4-47). For a sinus-triangle 
PWM, the maximum value of the converter rms phase voltage in the linear range of 
modulation is VGC,1 =Vdc / 2 2 . 
The real and imaginary parts of (4-47) for the maximum rms value of VGC,1 are: 
,1 ,1
,1 ,1
, ,1 ,max , ,1
,max , ,1
2- cos( )  - ( ) sin( )
4
2- sin( )  ( ) cos( )
4
GC G
GC G
G n dc v G G F G n i
dc v G G F G n i
V V L L I
V L L I
θ ω θ
θ ω θ
⎧ = +⎪⎪⎨⎪ = +⎪⎩
GG
GG
.                                              (4-48) 
From (4-48), the upper limit of the filter inductance LF,max corresponding to the maximum 
amplitude of the converter output voltage at the rated grid current can be derived as: 
,1 ,1
2
2 2
, ,1 , ,1
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, ,1
 - sin( )  -  cos ( )
8 -  
G G
dc
G n G ni i
F G
G G n
VV V
L L
I
θ θ
ω
±
=
G G
.                                        (4-49) 
For the grid unity power factor condition DPF = ±1 (rectifying mode: DPF = 1, 
,1
sin( ) 0
Gi
θ =G , 
,1
cos( ) 1
Gi
θ =G , regenerating mode: DPF = -1, 
,1
sin( ) 0
Gi
θ =G , 
,1
cos( ) 1
Gi
θ = −G .), the upper limit of 
the filter inductance in (4-49) has been simplified to  
Fig. 4-29  (a) A single-phase representation of PWM active front end with L-filter; (b)
fundamental components of line voltage vector, grid current vector, and converter output phase 
voltage vector in a rotating coordinate system synchronous to the grid voltage vector ,1Gv
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Grid current vector and converter output voltage vector in a rotating reference frame 
synchronous to the grid voltage vector are shown in Fig. 4-30 (a) and (b) for the rectifying 
and regenerating mode, respectively.  
In the case of asymmetrical regular sampled sinus-triangle modulation with added third 
harmonic zero sequence signal to the modulator reference signals (ARS-ZSS-PWM)  [12], the 
maximum rms value of the converter output voltage in the linear range of the modulation 
increases to VGC,1 = Vdc/ 6   [7]. From substituting this maximum value in (4-47) and (4-48), 
the upper limit of the filter inductance for ARS-ZSS-PWM at the grid unity power factor        
DPF =  ±1 is derived to (4-51) in the same manner as that for ARS-PWM presented in (4-47) 
to (4-50).  
2
2
, ,1
, max
, ,1
  -  
6  -  
dc
G n
F G
G G n
V V
L L
Iω=                                                                                    (4-51) 
,maxFL  in (4-50) and (4-51) causes the upper limit filter voltage drop at the rated current and 
the unity power factor conditions for a dc-link voltage of Vdc.  
Lower limit of the L-filter inductance 
The lower limit of the filter inductance is caused by the required limitation of the current 
harmonics around the first carrier band according to IEEE-519. Below, the analytical 
representation of the converter phase voltage harmonics is applied in order to determine the 
lower limit of the filter inductance.  
The harmonic voltage amplitude per harmonic frequency is a measure for the potential of the 
voltage harmonic to produce a corresponding current harmonic. The filter inductance is 
designed based on the most significant converter phase voltage harmonic with the highest 
ratio of the voltage and frequency. For an ARS-PWM, the amplitude of the converter phase 
voltage harmonics based on the Bessel functions is as follows  [7]:  
, , 
, 
2ˆ    sin[(   ) ] ( )
2 2
dc
n n
n
VV n J q M
qμ μ μμ
π πμπ= + ,                                                               (4-52) 
Fig. 4-30  Fundamental components of grid current vector and active front end converter output 
voltage vector in a rotating reference frame synchronous to the grid voltage vector: (a) rectifying 
operation; (b) regenerating operation    
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where 
,
ˆ  is  the amplitude of the converter output phase voltage harmonic,
 denotes  the carrier band number [1, ),
 being the side band number (- , ),
 is  bessel function,
    ( : grid frequ
n
n G C G
V
n
J
q n f f f
μ
μ
μ
μ
μ
∞
∞ ∞
= + ency, : carrier frequency).Cf
 
The first carrier band of the converter output phase voltage is shown in Fig. 4-31 (a). The 
harmonic voltage of (mf -2)th order (n = 1, μ = -2) is the most significant harmonic voltage in 
the harmonic spectrum of the grid side converter output phase voltage because of its higher 
Volt-per-Hertz ratio compared to the other significant harmonics. The Volt-per-Hertz ratio of 
the harmonic voltage of (mf +2)th order is smaller than that of the harmonic voltage of (mf -2)th 
order for a ARS-PWM despite of its higher amplitude. The ratio of the Volt-per-Hertz value 
of the harmonic voltage of the (mf -2)th order to the Volt-per-Hertz value of the harmonic 
voltage of (mf +2)th order depending on the modulation depth M and the carrier frequency fC is 
shown in Fig. 4-31 (b) if an ARS-PWM is applied.  
Fig. 4-31(a) shows the first carrier band spectrum of the converter output phase voltage for a 
frequency ratio of mf = 81  and the dc-link voltage of 700 V and 609 V for ARS-PWM and 
ARS-ZSS-PWM, respectively. Different dc-link voltage is chosen for both modulations to 
enable a comparable dc-link voltage reserve. Obviously, the application of the ARS-ZSS-
PWM reduces the amplitude of the harmonic voltages and results in a wider sideband than the 
ARS-PWM does  [7]. The complex analytical depiction of the harmonic voltages for the ARS- 
ZSS-PWM is presented in  [7]. In order to simplify the filter design procedure, the filter 
inductance is determined based on the harmonic voltage amplitude for ARS-PWM. According 
to the afore-mentioned comparison between the first carrier band spectrum of the ARS-PWM 
and the ARS-ZSS-PWM, the filter inductance determined based on (4-52) will guarantee that 
the IEEE-519 limits will not be exceeded if a ARS-ZSS-PWM is applied instead of the ARS-
PWM.   
The amplitude of the (mf -2)th converter phase voltage harmonic at nominal load can be used 
to design the filter inductance for a desired grid current harmonic. The nominal load 
Fig. 4-31  (a) First carrier band of a 2L VSC output phase voltage harmonic spectra for ARS-
PWM (VGC,ll,1 = 400 V, Vdc = 700 V, mf = 81) and ARS-ZSS-PWM (VGC,ll,1 = 400 V, Vdc = 609 V, 
mf = 81); (b) Volt-per-Hertz value of the (mf - 2)th order harmonic to the Volt-per-Hertz value of 
the (mf + 2)th order harmonic of the converter phase voltage for various values of M and fC 
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modulation depth Mn is required in the design according to (4-52). Mn depends on the filter 
voltage drop in a closed loop control system. Thus, the filter inductance is required for 
determining Mn. Obviously, an iterative procedure is essential to calculate the filter 
inductance. Therefore, the no load modulation depth M0 which is independent of the filter 
inductance is used in the proposed design procedure to calculate the amplitude of the (mf -2)th 
converter phase voltage harmonic in the first step. In the next step, the required filter 
inductance is determined by considering the grid current harmonic limitations 
,( 2),0,% ,( 2), ,%
ˆ ˆ
f fG m G m desired
I I− −≤ . ,( 2),0,%ˆ fG mI −  denotes the amplitude of the (mf -2)th grid 
harmonic current at no load conditions in percent of the rated fundamental component. The 
desired amplitude of the (mf -2)th grid harmonic current in percent of the fundamental 
component at rated load conditions (e.g. according to IEEE-519) is denoted as 
,( 2), ,%
ˆ
fG m desired
I − .   
Finally, the amplitude of the (mf -2)th grid current harmonic at nominal load ,( 2), ,%ˆ fG m nI −  is 
calculated by applying the filter inductance and Mn. The initial value of ,( 2),0,%ˆ fG mI −  should be 
changed in an iterative manner based on the calculated ,( 2), ,%ˆ fG m nI −  to obtain a grid harmonic 
current of (mf -2)th order which is below the IEEE-519 limitations.  
Using (4-52), the converter phase harmonic voltage of (mf -2)th  order at no load condition is 
given as: 
, ,1
1, -2 2 1, -2 1, -2
1, -2
2ˆ    ( 2 ),  1- 2G ndc G
dc C
VV fV J q q
q V f
ππ= = .                                                    (4-53) 
Therefore, the per-unit value of the required inductance to limit the amplitude of the (mf -2)th 
grid current harmonic to ,( 2),0,%ˆ fG mI −  at no load is: 
, ,1
2 1,-2
, ,
, ,1
1,-2 ,( -2),0,%
 ( 2 ) 
 100 2  
ˆ ( 2)   
f
G n
dc
F t pu
G n
f G m
dc
V
J q
VL V
q m I
V
π
π
=
−
,                                                        (4-54) 
where, , , , ,  , , , , ,1 , ,1   ,   ,   =F t F G F t pu F t b b b G b G b G G n G G nL L L L L L L V I V Iω ω= + = = .  
Variations of the modulation depth at nominal load condition should be taken into account in 
order to calculate the value of the current harmonic ,( 2), ,%ˆ fG m nI −  at rated load. Using the filter 
inductance voltage drop (4-47), the fundamental component of the converter phase voltage for 
the rated grid current and unity power factor is 
2 2 2 2 2
,1 , ,1 , ,1 , , ,1 , ,   1GC G n G n G F t G n F t puV V I L V Lω= + = + .                                                         (4-55) 
Therefore, the modulation depth at nominal load for the designed filter inductance with a 
carrier peak-to-peak amplitude of Vdc,n is 
, ,1 2
, ,
2 2
  1G nn F t pu
dc
V
M L
V
= + .                                                                                      (4-56) 
Applying Mn and the amplitude of the (mf -2)th converter voltage harmonic in (4-53), the 
amplitude of the grid current harmonic of (mf -2)th order at nominal load is  
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dc
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q m L
V
π
π
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As mentioned above, if ,( 2), ,%ˆ fG m nI −  in (4-57) exceeds the IEEE-519 limitation, the chosen 
initial value for no load grid current harmonic ,( 2),0,%ˆ fG mI −  in (4-54) should be reduced and the 
filter inductance should be designed in an iterative manner applying equations (4-54) - (4-57).   
Converter current ripple and dc-link voltage reserve 
For a designed L-filter, the maximum amplitude of the inductor current ripple can be 
approximated by the following equation, neglecting the inductor resistance and assuming a 
closed loop control  [43] 
, ,1
,max, 
,
ˆ  
2 6  
G n
ripple pu
C F t
V
I
f L
≈ .                                                                                                 (4-58) 
Furthermore, the dc-link voltage reserve for the control system can be defined as 
,min
, , %
 -  
 100 dc dcdc reserve
dc
V V
V
V
= .                                                                                        (4-59) 
Vdc,min  is the minimum required dc-link voltage for the designed filter inductance (M = 1 at 
nominal load). According to the filter voltage drop (4-47) and the fundamental component of 
the converter phase voltage in (4-55), the minimum required dc-link voltage for a total filter 
inductance of LF, t = LG+LF  is 
2
,min , ,1 , ,     (1 )dc G n F t puV V m L= + .                                                                                  (4-60) 
Parameter m is 8 for ARS-PWM and 6 for ARS-ZSS-PWM. Consequently, the dc-link 
voltage reserve (in percent) of the rated dc-link voltage for a designed filter inductance is 
, ,1 2
, , % ,t, 
,
 100(1 -  (1 )  )G ndc reserve F pu
dc n
V
V m L
V
= + .                                                                   (4-61) 
Flowchart of the proposed L-filter design procedure  
A flowchart of the proposed L-filter design procedure is shown in Fig. 4-32. The design can 
be started with useful initial values of the dc-link voltage and the modulation index                  
(e.g. Vdc = 700 V, mf = 81). The dc-link voltage or the switching frequency can be increased to 
achieve an increased upper limit of the inductance if the calculated inductance is larger than 
the upper limit according to (4-50). In the flowchart of Fig. 4-32, the dc-link voltage is 
increased in the first step to get a higher upper limit filter inductance. In the second step, the 
carrier frequency fC and subsequently the frequency index should be increased if the limits of 
the IEEE-519 can not be achieved for the given maximum dc-link voltage. The maximum 
possible dc-link voltage Vdc,max is determined by the blocking characteristics of the applied 
power semiconductors, gate units, cooling conditions, and the stray inductance of the 
converter configuration  [14]. The upper limit of the filter inductance is Lf,max = 4.2 mH 
according to (4-50), assuming the grid parameters presented in Table 4.2, and applying ARS-
PWM. The grid current harmonic of (mf -2)th order is limited to about 1% of the rated grid 
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current amplitude in this case. Using a proper gate resistance and a suitable mechanical design 
to reduce the turn-off over voltage, the dc-link voltage can be increased to 800 V considering 
the applied IGBT modules. 
The upper limit of the filter inductance is calculated to Lf,max = 7.5 mH for Vdc = 800 V. If the 
new upper limit is used, the grid current harmonic of (mf -2)th order is limited to about 0.7 % 
End
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I −Δ No 
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Eq. (4-50) 
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Calculation of Lf, t, pu,%   
using Eq. (4-54) 
VG,1 Vdc mf 
Fig. 4-32  A flowchart of the proposed L-filter design procedure to limit the amplitude of grid 
harmonic current to a desired value 
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of the rated grid current amplitude, which is again above the IEEE-519 limitation of 0.2%. 
Thus, the carrier frequency has to be increased to reach the IEEE-519 compliance.  
Finally, an inductance value of Lf = 6.3 mH was calculated during the iterative design 
procedure according to the flowchart of  Fig. 4-32 for fC = 15 kHz (mf = 300) and Vdc = 800 V. 
The dc-link voltage reserve is about 5 % in this case according to (4-61). The required 
switching frequency and filter inductance in order to fulfill the IEEE-519 conditions 
( ,( 2), ,%ˆ 0.2fG m nI − = ) for different dc-link voltages are presented in Table 4.8. The dc-link 
voltage reserve Vdc,reserve,% is considered to be about 5 %.  
4.5.2  LCL-filter design procedure 
As shown in the previous section, the L-filter is only a useful solution at very high switching 
frequencies. An LCL-filter enables a distinctly cheaper and smaller filter solution at low 
switching frequencies (e.g. fC = 2 kHz – 8 kHz), which are usually applied in industrial low-
voltage drives  [85],  [107].  
An iterative design procedure of an LCL-filter is proposed in this section. The main goal is to 
limit the most significant grid current harmonic at nominal load to the values defined in 
IEEE-519. A single-phase representation of the PWM active front end converter with LCL-
filter is given in Fig. 4-33.  
Filter split factor r and filter resonance frequency fres as the LCL-filter parameters are given 
by: 
 , 
,G, ,
,
 ,   = F G t F t G F G
F GC
L
r L L L
L
= + ,                                                                                                                 (4-62) 
, ,G, 
, , ,
1 
2
F GC F t
res
F GC F G t F
L L
f
L L Cπ
+= .                                                                                                 (4-63) 
Table 4.8 
Required switching frequency and corresponding L-filter inductance to fulfill the conditions of 
IEEE-519 ( ,( 2), ,% 0.2fG m nI − =  ) for different dc-link voltages, Vdc,reserve,%  ≈  5 
Vdc (V) fC (kHz) mf LF (mH) LF (pu) 
700 33.5 670 2.4 0.227 
750 18.5 370 4.7 0.450 
800 15 300 6.3 0.599 
Fig. 4-33  A single-phase representation of  PWM active front end with LCL-filter 
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The filter resonance frequency (4-63) is considered to be in a range between ten times of the 
grid frequency and one-half of the carrier frequency in order to avoid a filter excitation by the 
converter voltage harmonics  [107]. 
In the proposed LCL-filter design procedure, the converter side filter inductance LF,GC is 
determined at no load condition M = M0 in the first step. The required inputs of the design 
procedure are the filter parameters (r and fres), the IEEE-519 defined (mf -2)th grid current 
harmonic amplitude ,( -2), , %ˆ fG m desiredI , and the basic parameters of the PWM active front end 
converter (e.g. Table 4.2). The other passive filter components LF,G and CF  are calculated 
then based on LF,GC  and the filter parameters defined in (4-62) and (4-63). The thevenin 
equivalent circuit of the converter side LC-grid is used in the next step to model the LCL-
filter as an L-filter. The (mf -2)th grid current harmonic amplitude ,( -2), ,%ˆ fG m nI  for the rated grid 
current is determined by applying this model and the calculated passive filter components in 
order to verify the filter effectiveness at nominal load. Finally, the required passive filter 
components for nominal load conditions are calculated in an iterative manner applying the 
deviation ,( -2),0,% ,( -2), ,% ,( -2), , %ˆ ˆ ˆf f fG m G m n G m desiredI I IΔ = − . 
Design of the converter side filter inductance 
The converter side filter inductance LF,GC is determined on the basis of (4-54) to limit the      
(mf -2)th converter current harmonic at no load condition as described for the design of the    
L-filter. The filter capacitors are assumed to have zero impedance at the switching frequency. 
The amplitude of the (mf -2)th converter side current harmonic is required to determine LF,GC, 
which is calculated applying the IEEE-519 defined grid current harmonic amplitude and the 
filter attenuation factor iG(s) /iGC(s).  
According to Fig. 4-33, the grid current harmonics are related to the converter current 
harmonics by: 
2
, ,
, ,  , 
( ) 1     
( ) 1
   ,  
G
GC F G t F
F G t G F G G
i s
i s s L C
L L L s jω
= +
= + ≠
.                                                                                        (4-64) 
Substituting the filter inductance values and the resonance frequency for the filter capacitance, 
the attenuation factor (4-64) becomes 
2
, ( -2)
2
, ( -2)
ˆ
  ˆ -   -1
f
f
G m F
FGC m
I k
k rI
=                                                                                                   (4-65) 
for the (mf -2)th current harmonic, with 
  
( - 2)
res
F
f G
fk
m f
= .                                                                                                                                         (4-66) 
Applying (4-65), the converter side filter inductance is derived for the given filter parameters 
r and fres on the basis of (4-54) as:  
2
, , 1 2   -   -1
F
F GC pu
F
kL a
k r
= ,                                                                                               (4-67) 
where  
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,( -2),0,%
ˆ
fG m
I  is the amplitude of the grid harmonic current of (mf -2)th order at no load conditions 
in percent of the rated grid current amplitude.  
Design of the grid side filter inductance and the filter capacitance 
Applying the determined converter side filter inductance in (4-67) and the filter split factor 
(4-62), the grid side filter inductance is:  
2
, , ,  1 , ,  , ,  ,  ,  2 ,- -1
F
F G t pu F G pu F G t pu G pu
F
kL a r L L L
k r
= = − .                                                     (4-68) 
Using (4-63), the filter capacitance is  
2 2 2
, 2 24 2
1
(2 ) (1 ) 1= ,      
 ( -2)
F F
F pu
F f
r r k kC a a
r k m a
+ − + − =                                                   (4-69) 
for a chosen filter resonance frequency and split factor with  
, ,1
, ,
, , ,1
 ,   
 
G nF
F pu F b
F b G G n
ICC C
C Vω= = . 
Effectiveness verification of the designed LCL-filter at rated load 
The modulation depth at nominal load condition Mn can be specified by using the calculated 
passive component values LF,GC, LF,G, and CF. Mn is used to verify the amplitude of the         
(mf -2)th grid current harmonic while the PWM active front end converter operates at nominal 
load and unity power factor. In order to calculate Mn, the single-phase representation of the 
LCL-filter in Fig. 4-33 is simplified to the single-phase representation shown in Fig. 4-34, 
Fig. 4-34  A single-phase representation of PWM active front end converter with LCL-filter 
applying the thevenin equivalent circuit for the converter side LC-grid  
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applying the thevenin equivalent circuit of the converter side LC-grid. The parameters and 
variables presented in Fig. 4-34 for an angular frequency ω are: 
,
2 2
, ,  ,  ,  
,  
1 - 1- ( )
F GC GC
th th
LC LC
LC F GC F F GC pu F pu
G
L vL v
X X
X L C L C ωω ω
= =
= =
GG
.                                                           (4-70) 
Using the fundamental component of the filter voltage drop in Fig. 4-34, the modulation depth 
for an ARS-PWM at rated load can be calculated in the same manner as presented in (4-56) 
for the L-filter design 
, ,1 2 2
, , , , , , , 
, , , , 
= 2 2  ( )  ,
1 -  .       
G G
G
G n
n LC f F G t pu LC f F GC pu
dc
LC f F GC pu F pu
V
M X L X L
V
X L C
+ +
=
                                                 (4-71) 
When substituting the nominal modulation depth in equation (4-52), the amplitude of the most 
significant converter voltage harmonic can be determined. By using the converter voltage 
harmonic and the LCL-filter total inductance LF,G,t +Lth in Fig. 4-34, the amplitude of the most 
significant grid current harmonic at rated load  ,( -2), ,%ˆ fG m nI  is:  
2 1, -2
,
, -2, , %
1, -2 , ,1 , ( -2) , , , , ,
2
,( -2) , , ,
 ( ) 100 2 2ˆ = ,
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f G n LC m f F G t pu F GC pu
LC m f f F GC pu F pu
J q MV
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q m V X L L
X m L C
π
π ×− +
=
                        (4-72) 
The dc-link voltage reserve and the converter current ripple 
Applying the definition of the dc-link voltage reserve in (4-59) and the LCL-filter voltage 
drop in Fig. 4-34, the dc-link voltage reserve for the PWM active front end converter at unity 
power factor is calculated as before for the L-filter design 
, ,1 2 2
, ,% , , , , , , , =100(1-  ( ( ) ))G G
G n
dc reserve LC f F G t pu LC f F GC pu
dc
V
V m X L X L
V
+ + .                                     (4-73) 
Parameter m is 8 for ARS-PWM and 6 for ARS-ZSS-PWM. 
If the influence of the filter capacitance on the converter side current ripple is neglected, the 
following equation can be used to approximate the maximum converter current ripple  [43]: 
, ,1
,max
,
ˆ  
2 6 
G n
ripple
sw F GC
V
I
f L
≈ .                                                                                                    (4-74) 
Flowchart of the LCL-filter design procedure with a constant dc-link voltage 
The grid current harmonics at rated load condition in (4-72) should not exceed the IEEE-519 
limits. The chosen amplitude of the grid current harmonic ,( 2),0,%ˆ fG mI −  should be reduced in 
(4-67), and the passive filter components should be designed in an iterative manner applying 
equations (4-67) - (4-73) if the grid current harmonic in (4-72) is higher than the limits. A 
flowchart of the proposed LCL-filter design procedure is presented in Fig. 4-35. The design 
procedure can be started with the initial values of the dc-link voltage Vdc, modulation index mf, 
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chosen filter parameters r, fres, and the desired amplitude of the (mf -2)th grid current harmonic 
,( -2), ,%
ˆ
fG m desired
I . In the first iteration, ,( 2),0,%ˆ fG mI −  is considered to be equal to ,( -2), ,%
ˆ
fG m desired
I . 
Applying equations (4-67) - (4-69), the LCL-filter reactive component values LF,GC, LF,G, and 
CF are determined at no load condition. The rated load modulation depth Mn is calculated by 
using (4-71) to determine the dc-link voltage reserve and the (mf -2)th grid current harmonic 
,( 2), ,%
ˆ
fG m n
I −  at nominal load. Obviously, the dc-link voltage reserve must be positive and 
    
,( 2),0,%
ˆ
fG m
I ε−Δ ≤ End
No 
No 
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ˆ
fG m
I −Δ
,( 2),0,% ,( 2), ,% ,( 2), ,%
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f f fG m G m n G m desired
I I I− − −Δ = −  
Calculation of ,( 2), ,%ˆ fG m nI −  using Eq. (4-72)
Vdc,reserve , %   > 0
Eq. (4-73) 
1. Converter side inductance design, LF,GC, pu, Eq. (4-67) 
2. Grid side inductance design, LF,G, pu, Eq. (4-68)  
3. Filter capacitance design, CF, pu , Eq. (4-69)  
VG,1 Vdc mf
Selection of a desired grid harmonic current of  
(mf-2)th order, ,( 2), ,%ˆ fG m desiredI −   
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f f fG m G m desired G m
I I I− − −≤ Δ =
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Filter design is 
impossible. 
fres r 
Fig. 4-35  A flowchart of the proposed LCL-filter design procedure to limit the amplitude of the
grid current harmonics to a desired value with constant dc-link voltage and carrier frequency 
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correspond to the required converter dynamic. Furthermore, ,( 2), ,%ˆ fG m nI −  should be in the 
vicinity of ,( -2), ,%ˆ fG m desiredI  with an acceptable toleranceε . The difference between ,( -2), ,%ˆ fG m nI  
and ,( -2), ,%ˆ fG m desiredI  is applied to change the initial value of ,( 2),0,%
ˆ
fG m
I −  and to design the filter 
components in an iterative procedure as shown in Fig. 4-35.  
The grid current harmonics will be limited to the required values (e.g. IEEE-519) for every 
combination of the filter parameters r and fres, while considering the limitation of the 
resonance frequency and the dc-link voltage reserve, if the filter components are designed 
according to the procedure presented in Fig. 4-35. Fig. 4-36 shows the LCL-Filter 
Fig. 4-36  Filter components for various values of r and fres to fulfil the IEEE-519 condition:
VG,ll,1 = 400 V, Vdc = 700 V, mf = 81; (a) converter side inductance; (b) total grid side inductance;
(c) filter total inductance; (d) filter capacitance; (e) amplitude of the grid harmonic current; (f)  the 
converter current ripple  
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components for different values of r and fres. The filter design is achieved by applying the 
iterative procedure to obtain a grid harmonic current ,( -2), ,%ˆ fG m nI  of e.g. 0.2% according to 
IEEE-519. The error toleranceε in Fig. 4-36 is considered to be 0.001% of the fundamental 
component of the grid current. The parameters of the grid and the converter are taken from 
Table 4.2. 
It is demonstrated in Fig. 4-36 that for high resonance frequencies the value of the filter total 
inductance LF,t = LF,G,t+ LF,GC increases. Moreover, the total inductance remains almost 
constant for every resonance frequency while r changes. By contrast, the filter capacitor 
increases if the resonance frequency is decreased. Furthermore, the grid current harmonic with          
(mf -2)th order at nominal load condition is presented in Fig. 4-36(e), which remains almost 
constant for filters with different component values. The maximum converter current ripple 
(4-74) is presented in Fig. 4-36(f). The converter side filter inductance increases for high 
resonance frequencies; consequently, the maximum amplitude of the converter current ripple 
decreases. As mentioned above, the total inductance LF,t remains almost constant while r 
changes. Therefore, the converter side inductance decreases while the converter current ripple 
increases for rising values of r. 
Optimized LCL-filter with minimum stored energy 
There are several LCL-filter optimization criteria like minimum volume, weight, and 
minimum filter stored energy. In order to select a useful LCL-filter design, the stored energy, 
as a measure for the size and expense of the passive components, is considered in this thesis. 
Thus, the filter parameters r and fres are derived corresponding to the minimum filter energy. 
The total filter energy can be approximated by: 
2 2
, ,1 , , , , ,13 2( ( ) + ) t G n F GC F G t f G nW I L L C V= + .                                                                     (4-75) 
The stored energy in the total filter inductance LF,t and the filter capacitance CF, as well as the 
total stored energy (4-75) corresponding to the filter reactive component values in Fig. 4-36 
are depicted in Fig. 4-37. The amplitude of the grid current harmonic ,( -2), ,%ˆ fG m desiredI  is limited 
to 0.2% with a tolerance of 0.001%. Obviously, the total stored filter energy reaches a 
minimum for a specific filter resonance frequency. By contrast, ratio r = LF,G / LF,GC only 
slightly influences the stored energy of the filter. The filter parameters as well as the filter 
component values corresponding to the minimum energy are presented in Table 4.9 for grids 
with different rated currents, different dc-link voltages, and industrial line-to-line voltages of 
400 V and 690 V. As shown in Table 4.9, the per-unit values for the reactive filter 
components and the filter parameters (r, kF) corresponding to the minimum stored energy 
remains constant for grids with different rated currents. Furthermore, the parameters and the 
component values do not change for the 690 V grid if the dc-link voltage increases 
proportionally to the line voltage (Vdc = 1212 V). The design results are independent of the 
rated grid voltage and the dc-link voltage according to (4-67) - (4-69) if the ratio of VG,1/Vdc  is 
considered to be constant. An increased dc-link voltage to 800 V leads to smaller filter 
components because of a lower modulation depth at nominal load condition. The amplitude of 
the (mf -2)th converter voltage harmonic decreases according to (4-52) if the index of 
modulation Mn is reduced. Obviously, a smaller inductance is required for a reduced converter 
voltage harmonic and constant desired grid current harmonics. The converter current ripple 
for the PWM active front end converter with 800 V dc-link voltage increases and the 
resonance frequency causing the minimum filter energy varies from 1.016 kHz to 1.046 kHz. 
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The converter side inductance and the grid side inductance are almost equal for all converter 
data of Table 4.9.  
Influences of the ARS-ZSS-PWM on the effectiveness of the LCL-filter 
The ARS-ZSS-PWM is usually applied in industry applications due to the reduced dc-link 
voltage (15%) compared to the ARS-PWM for the same maximum output voltage. The filter 
components depicted in Table 4.9 are used for a PWM active front end converter with LCL-
filter and ZSS-ARS-PWM, and the simulation results for the (mf -2)th order grid current 
harmonic are shown in Table 4.10. The dc-link voltage is reduced to achieve a dc-link voltage 
reserve like that of the ARS-PWM. The amplitude of the (mf -2)th grid current harmonic is 
given in Table 4.10 which is reduced to 0.15%. However, a certain reserve is useful in the 
simulative design of LCL-filters because of parasitic effects and the component variation in a 
real configuration (see Section  4.6.2). 
Flowchart of the LCL-filter design procedure with a constant control reserve 
The dc-link voltage is considered to be constant for filters with different component values in 
the LCL-filter design procedure of Fig. 4-35, which induces different control reserves. The 
total filter inductance increases, as shown in Fig. 4-36, for filters with increasing resonance 
frequencies; consequently, the control reserve decreases, leading to a decreasing dynamic 
performance. 
Fig. 4-37  Stored energy of the reactive components of the LCL-filters presented in Fig. 4-36:
VG,ll,1 = 400 V, IG,1 = 70 A, Vdc = 700 V, mf = 81, (a) energy of the total inductance; (b) energy of 
the filter capacitance; (c) the filter total energy 
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Table 4.9 
LCL-filter parameters and reactive component values corresponding to the minimum filter energy for different rated grid currents, dc-link voltage, 
and line voltage (Modulation: ARS-PWM, ,( -2), ,%ˆ 0.2fG m desiredI = ) 
 
LF,GC  C F  Vdc 
(V) 
Vll, G,1 
(V) 
IG,1 
(A) (mH) (pu)  
,maxrˆippleI  
(%) 
r 
(μF) (pu)  
kF 
fres 
(Hz) 
Vdc, reserve 
(%) 
,( 2),
ˆ
fG m n
I −  
(%) 
700 400 7 7.109 0.068 23.29 0.989 6.942 0.072 0.257 1016 7 0.2 
700 400 70 0.711 0.068 23.29 0.989 69.418 0.072 0.257 1016 7 0.2 
700 400 700 0.071 0.068 23.29 0.989 694.18 0.072 0.257 1016 7 0.2 
1212 690 70 1.231 0.068 23.29 0.989 40.079 0.072 0.257 1016 7 0.2 
800 400 70 0.7 0.066 24 0.989 67.489 0.070 0.257 1046 18.5 0.2 
Table 4.10 
LCL-filter parameters and reactive component values corresponding to the minimum filter energy for different rated grid currents, dc-link voltage, 
and line voltage (Modulation:  ARS-ZSS-PWM, ,( -2), ,%ˆ 0.2fG m desiredI = ) 
LF,GC  C F Vdc 
(V) 
Vll,G,1 
(V) 
IG,1 
(A) (mH) (pu)  
,maxrˆippleI  
(%) 
r 
(μF) (pu)  
kF 
fres 
(Hz) 
Vdc, reserve 
(%) 
,( 2),
ˆ
fG m n
I −  
(%) 
609 400 7 7.109 0.068 23.29 0.989 6.942 0.072 0.257 1016 7 0.15 
609 400 70 0.711 0.068 23.29 0.989 69.418 0.072 0.257 1016 7 0.15 
609 400 700 0.071 0.068 23.29 0.989 694.18 0.072 0.257 1016 7 0.15 
1054 690 70 1.231 0.068 23.29 0.989 40.079 0.072 0.257 1016 7 0.15 
696 400 70 0.7 0.066 24 0.989 67.489 0.070 0.257 1046 18.5 0.15 
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Considering the control reserve (4-73), the dc-link voltage can be changed in order to achieve 
a defined dc-link voltage reserve, as shown in the flowchart of Fig. 4-38. As mentioned in 
reference to the L-filter design, it should be noted that the maximum value of the dc-link 
voltage is limited by the blocking characteristics of the semiconductors and the converter 
design. 
Fig. 4-38  A flowchart of the proposed LCL-filter design procedure to limit the amplitude of the 
grid current harmonics to a desired value for a defined control reserve of k % 
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4.6 Control of PWM active front end converters with LCL-filter 
The voltage-oriented control strategy is also applied to control the PWM active front end 
converter with LCL-filter. Similar to the control of the PWM active front end converter with 
L-filter, all voltages and currents are projected into a rotating reference frame synchronous to 
the voltage vector of PCC PCCv
G . Using the single phase representation of the PWM active 
front end converter with LCL-filter shown in Fig. 4-39(a) and ignoring the resistance of the 
inductors, the transfer function of the converter and grid currents in the rotating reference 
frame synchronous to PCCv
G  are as follows: 
,
, ,
, ,
2 1
,
, 2
, ,
1( )
PCC
F G F
F G F GCPCC
F G F GC F
v
L CGC dq
i GC L Lv
GC dq F GC L L C
si
G s
v L s s +
+−= = +
G
G ,                                                               (4-76) 
,
, ,
, ,
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, ,
1( )
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F G F
F G F GCPCC
F G F GC F
v
L CG dq
i G L Lv
GC dq F GC L L C
i
G s
v L s s +
−= +
G
G .                                                                   (4-77) 
Obviously, the current control plant of the PWM active front end converter with LCL-filter 
comprises the dynamics of the LCL-filter; consequently, the characteristic polynomial of the 
current control plant has two more poles than the current control plant of the PWM active 
front end converter with L-filter in Fig. 4-11. 
Passive damping of the LCL-filter resonance 
Equations (4-76) and (4-77) demonstrate that the current transfer functions have two 
imaginary poles at LCL-filter resonance frequency. Selecting the resonance frequency in a 
range between ten times of the grid frequency and one-half of the carrier frequency will 
prevent filter excitation by the converter voltage harmonics. However, converter output 
voltage in transients could excite the filter.    
Using a resistance series to the filter capacitor as shown in Fig. 4-39(b) is a simple solution to 
damp the LCL-filter oscillations  [107]. Transfer functions of the converter and grid currents 
for a PWM active front end converter with passively damped LCL-filter are derived as 
follows:    
, ,
, , , ,
, , , ,
2 1
,
, 2
, ,
1( )
dPCC
F G F G F
F G F GC F G F GCPCC
F G F GC F G F GC F
Rv
L L CGC dq
i GC L L L Lv
GC dq F GC d L L L L C
s si
G s
v L s s R s+ +
+ +−= = + +
G
G ,                                                     (4-78) 
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, ,
1( )
dPCC
F G F G F
F G F GC F G F GCPCC
F G F GC F G F GC F
Rv
L L CG dq
i G L L L Lv
GC dq F GC d L L L L C
si
G s
v L s s R s+ +
+−= = + +
G
G .                                             (4-79) 
The transfer functions in (4-78) and (4-79) have real stable poles if the damping resistance is 
Fig. 4-39  (a) A single-phase representation of LCL-filter; (b) LCL-filter with passive damping 
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designed as:  
, ,
, ,
2
( )
F G F GC
d
F F G F GC
L L
R
C L L
≥ + .                                                                                                    (4-80) 
The application of a passive damping is a simple and robust solution to damp the resonance of 
the LCL-filter. However, the damping resistor will cause further power loss and reduce the 
effectiveness of the LCL-filter to damp the grid current harmonics. 
Active damping of the LCL-filter resonance 
In order to overcome the drawbacks of the passive damping, an active damping scheme of the 
current control loop can be applied. In recent publications, the active damping function has 
been achieved based on the feedback of filter state variables  [85],  [92],  [95],  [105],  [131] or 
sensorless methods  [106],  [113]. In this thesis, the filter capacitor voltages are applied to 
control the grid side converter currents and avoid the LCL-filter resonance. The main 
advantage of such a control is the robustness of the current controller against the grid 
inductance variation  [85]. A description of the principles of the applied current control based 
on the voltage feedback of the filter capacitor is presented below.    
Considering the single-phase representation of the active rectifier with LCL-filter in           
Fig. 4-39(a), the current of the converter side inductor can be described as:  
, , - FF GC GC F GC GC C GC
dL i R i v v
dt
+ =G G G G .                                                                                     (4-81) 
Equation (4-81) is projected into the rotating frame synchronous to the PCC voltage vector. 
The corresponding d-q components are: 
, , , , , , , ,
, , , , , , , ,
- - - ,
- - .
PCC PCC PCC PCC PCC
F
PCC PCC PCC PCC PCC
F
v v v v v
GC d F GC GC d F GC GC d C d F GC G GC q
v v v v v
GC q F GC GC q F GC GC q C q F GC G GC d
dv L i R i v L i
dt
dv L i R i v L i
dt
ω
ω
⎧ = +⎪⎪⎨⎪ = + +⎪⎩
G G G G G
G G G G G                                               (4-82) 
Equation (4-82) is similar to the current dynamics of the PWM active front end converter with 
L-filter presented in (4-18). Both equations are presented in the rotating reference frame 
synchronous to the PCC voltage vector PCCv
G . The current model of the PWM active front end 
converter with L-filter contains the components of the PCC voltage vector while the direct 
and quadrature components of the filter capacitor voltages appear in the current model of the 
PWM active front end converter with LCL-filter. The following decoupling terms should be 
added to the output of the current controllers in the current control loop of the PWM active 
front end converter with LCL-filter to compensate for the influence of the filter capacitor 
voltage and the cross-coupling of direct and quadrature currents: 
, , ,
, , ,
  ,
    
 -  .
PCC PCC
F
PCC PCC
F
v v
d C d F GC G GC q
v v
q C q F GC G GC d
v v L i
v v L i
ω
ω
⎧Δ = +⎪⎨Δ =⎪⎩
G G
G G                                                                                      (4-83) 
Using the decoupling terms in (4-83), the current model is reduced to a first-order system 
which comprises only the parameters of the converter side filter inductor (LF,GC, RF,GC). 
Consequently, the control structure of the PWM active front end converter with LCL-filter 
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becomes similar to the control structure of the PWM active front end converter with L-filter. 
A current control loop with the corresponding processing and PWM delays is shown in      
Fig. 4-40. The PI parameters of the current control loop according to the technical optimum 
(Table 3.4) are:   
, ,
, ,
. ,
  ,  ,  2
1.5
F GC F GC
i cc p cc cc
F GC cc s cc
L L
T K a
R a T
= = ≥ ,                                                                        (4-84) 
where, Ts,cc denotes the sampling time of the current control loop. 
Due to the delay of the current control loop (shown as processing and PWM delay in            
Fig. 4-40), a completely decoupled system is not achievable. The total delay Gd,t of the current 
control loop containing the PWM delay and the processing delay is presented by  
2, 2
, ,
1   
1 1.5 0.5d t s cc s cc
G
sT s T
= + + .                                                                                     (4-85) 
The following compensator should be applied to achieve an ideal decoupled system: 
2 2
, ,   1 1.5 0.5compensator s cc s ccG sT s T= + + .                                                                                (4-86) 
Applying this compensator leads to the amplification of noise and harmonics around the 
switching frequency. In order to avoid the noise amplification problem, a Lead-Lag 
compensator with limited amplification of high frequencies is applied:  
,
,
1
( )  ,     1
1
d ll
ll ll ll
ll d ll
T s
G s k
T s
αα
+= <+ .                                                                                  (4-87) 
A part of the delay can be compensated using the Lead-Lag compensator  [85],  [105]. In order 
to design the parameters of the Lead-Lag compensator, the total delay of the current control 
loop is approximated by 
,
,
1 
1 1.5d t s cc
G
sT
≈ + .                                                                                                           (4-88) 
Considering (4-88), the following Lead-Lag compensator is added to compensate the delay 
partially: 
,
,
1 1.5
(s)
1 1.5
s cc
ll
ll s cc
T s
G
T sα
+= + .                                                                                                       (4-89) 
Fig. 4-40  Current control loop of PWM active front end with LCL-filter 
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A compromise must be achieved between compensation and noise amplification to design the 
position of the Lead-Lag pole. Fig. 4-41 shows the Bode plots of an ideal compensator 
(Gcompensator = 1+1.5sTs,cc) to compensate the approximated delay in (4-88) as well as the Lead-
Lag compensator with two different values of αll in (4-89). The Lead-Lag pole position is 
considered to be at switching and sampling frequencies in an ARS-PWM. αll should be 4/3π 
to assign the pole position in the switching frequency. If αll is equal to 2/3π, then the Lead-
Lag pole position is at the sampling frequency. It can be seen in Fig. 4-41 that the smaller αll, 
the greater the compensation but also noise amplification. The next sections will present the 
simulation and experimental results of the influence of different compensator designs on the 
dynamic behavior of the current control loop.  
As mentioned above, the main effect of the filter capacitor voltages feedback in the current 
control loop is the active damping of the LCL-filter oscillations. In order to explain the 
Fig. 4-41  Bode diagram of the compensators with various parameters: the approximated ideal 
compensator 1+1.5Tss; Lead-Lag1 = (1+1.5Tss)/(1+1.5αll,1Tss) with αll,1 = 4/3π; Lead-Lag2 = 
(1+1.5Tss)/(1+1.5αll,2Tss) with αll,2 = 2/3π   
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Fig. 4-42  Current control loop with active damping and a Lead-Lag compensator 
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performance of the active damping, the converter current control loop with filter capacitor 
voltages as feedbacks is shown in Fig. 4-42. The current control loop comprises the current 
transfer function in (4-76) as the model of an LCL-filter and a PI current controller with 
parameters presented in (4-84). Using the single-phase representation of the LCL-filter in  
Fig. 4-39 (a), the relation between the converter output voltage ,PCC
v
GC dqv
G
 and the voltage of the 
filter capacitor ,PCCF
v
C dqv
G
 is expressed as follows:        
, ,
, ,
,
, 2
, ,
1 1( )
PCC
F
F G F GCPCC
F G F GC F
v
C dq
v CF L Lv
GC dq F GC F L L C
v
G s
v L C s +
= = +
G
G .                                                                         (4-90) 
Considering the active damping block shown in Fig. 4-42, the transfer function of the active 
damping loop is derived as follows: 
,
, ,
( )
( )
1 ( ) ( ) ( )
F
d t
ad
d t v C ll
G s
G s
G s G s G s
= − .                                                                                      (4-91) 
The Bode diagram of the open loop transfer function of the current control loop without 
active damping ( , ,( ) ( )d t i GCG s G s ), the Bode diagram of the active damping loop transfer 
function ( ( )adG s ), and the Bode diagram of the open loop current transfer function with 
active damping are given in Fig. 4-43. The passive component values of the LCL-filter 
correspond to the LCL-filter with minimum stored energy addressed in Table 4.9                      
(LF,G,t = 0.703 mH (0.067 pu), LF, GC = 0.711 mH (0.068 pu), CF = 69.418 μF (0.072 pu),        
fres =  1016 Hz). The active damping loop is considered to not have a Lead-Lag compensator 
(kll = 1, αll = 1). Obviously, the active damping loop acts as a notch filter which damps the 
peak value of the current open loop transfer function at the resonance frequency below 0 db. 
The application of a Lead-Lag compensator in the active damping loop leads to a better 
damping at the resonance frequency and increases the bandwidth of the current control loop. 
The Bode diagram of the active damping loop transfer function with various Lead-Lag 
Fig. 4-43  1: Bode diagram of the current open loop transfer function without active damping 
( , ,( ) ( )d t i GCG s G s ); 2: bode diagram of the active damping loop transfer function ( ( )adG s ); 3: bode 
diagram of the open loop current transfer function with active damping (kll = 1, αll = 1)   
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compensators is shown in Fig. 4-44(a). Moreover, the corresponding Bode diagrams of the 
closed loop transfer function of the converter current are presented in Fig. 4-44 (b). 
Obviously, the application of a Lead-Lag compensator (waveforms 2 and 3) results in a faster 
current control loop (increased bandwidth) and a better damping at the resonance frequency of 
the LCL filter (more reduction of the amplitude at the resonance frequency).    
Detailed block diagram of the VOC for PWM active front end converter with LCL-filter 
A detailed structure of the VOC for the PWM active front end converter with LCL-filter and 
active damping is depicted in Fig. 4-45. The line voltages at PCC are measured to determine 
the angle of the PCC voltage vector. The angle of the PCC voltage vector is required to 
project the converter currents and voltage of the filter capacitor into the rotating reference 
frame synchronous to the PCC voltage vector. The structure and parameters of the applied 
PLL are as described in Section  4.4.2. The filter capacitor voltages are measured and 
projected into the rotating coordinate. The direct and quadrature components of the capacitors 
voltages ( , ,,PCC PCCF F
v v
C d C qv v
G G
) should be added to the output of the current controllers. The Lead-Lag 
compensators in (4-89) can be applied to compensate for the effects of the PWM and 
processing delays. The parameters of the current controllers are according to (4-84). The dc-
link voltage is measured, and a PI controller with anti-windup is applied in the dc-link voltage 
control loop. The parameters of the current controllers are according to (4-37) and (4-38). 
Similar to the VOC for the PWM active front end converter with L-filter, the feed-forward dc-
current idc,ff  expressed in (4-40) can be used to achieve a faster load disturbance rejection. The 
Fig. 4-44  (a) Bode diagram of the active damping control loop with various Lead-Lag 
compensators; (b) bode diagram of the converter current control loop with different Lead-Lag 
compensators in the active damping loop; kll = 1, Td,ll=1.5Ts,cc, 1:  αll = 1; 2:  αll = 4/3π; 3: 
αll = 2/3π  
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dc-link voltage Vdc and the amplitude of the carrier signal are applied for linearization in the 
current control loop as described in Section  4.4.3. The peak-to-peak amplitude of the carrier 
signal is considered to be constant and equal to the nominal value of the dc-link voltage Vdc,n. 
Asymmetrical regular sampled sinus-triangle modulation is used as modulator. 
4.6.1 Simulative investigations 
The entire system comprising grid, LCL-filter, an ideal 2L VSC, and the control system is 
simulated in MATLAB/SIMULINK in order to verify the performance of the controllers and 
the effectiveness of the designed LCL-filters. The control structure depicted in Fig. 4-45 is 
applied in the simulations. The parameters of the grid and the grid side converter were chosen 
according to Table 4.2. The structure of the applied PLL is as described in Section  4.4.2. The 
Fig. 4-45  Block diagram of voltage-oriented control system for PWM active front end converter 
with LCL filter 
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PLL sampling frequency is 8.1 kHz and a damping factor of aPLL =30 is used for the PI 
controller of the PLL.  
As described in Table 4.2, the converter switching frequency is 4.05 kHz (mf = 81) and a 
PWM with asymmetrical regular sampling is used as modulator. The sampling frequencies of 
the current and the dc-link voltage control loops are 8.1 kHz (twice the switching frequency). 
The damping factors of the current and voltage controllers are assigned to acc= 3 and avc = 4, 
respectively. 
In order to investigate the effectiveness and performance of LCL-filters with different 
parameters and component values, two sets of filter components were designed, applying the 
flowchart in Fig. 4-35. The first design variant is the LCL-filter with minimum energy for 
IG,1= 70 A, VG,ll = 400 V, and Vdc = 700 V, as presented in Table 4.9. The second variant was 
determined for a unity split factor r and a resonance frequency fres = 1350 Hz larger than the 
resonance frequency of the filter with minimum stored energy. The parameters and 
components values of the investigated filters are presented below 
1) LF,G,t = 0.703 mH (0.067 pu), LF,GC = 0.711 mH (0.068 pu), CF = 69.418 μF (0.072 pu),     
r = 0.989,and  fres =  1016 Hz. 
2) LF,G,t = 1.379 mH (0.132 pu), LF,GC = 1.379 mH (0.132 pu), CF = 20.153 μF (0.021 pu),     
r = 1, and fres =  1350 Hz. 
The amplitude of the (mf -2)th grid current harmonic is considered to be 0.2% of the amplitude 
of the fundamental component of the grid current for both filters. The simulation results for 
steady-state and transient performance of the PWM active front end converter with both 
filters are discussed in the following sections.   
Steady-state performance 
The simulation results for the amplitude of the main harmonics of the first carrier band in 
steady-state are depicted in Table 4.11 for the designed LCL-filters. Obviously, the amplitude 
of the most significant current harmonic for both filters is around the desired value of 0.2% 
with an acceptable error.  
A voltage-oriented controlled active front end converter based on the control of the converter 
currents does not operate exactly at unity power factor, which was assumed in the filter design 
procedure. The reason for this is the difference between the grid and the converter currents 
caused by the filter capacitors. Furthermore, the grid voltage angle, which is required for the 
projections, cannot be measured exactly in a discrete control system. Therefore, using a 
proper set point of converter quadrature current ,PCC
v
GC qi
G
, the grid reactive power is adjusted to 
zero in the simulation results presented in Table 4.11. Grid and the converter currents as well 
LCL-Filter parameters and reactive components value Amplitude of grid current harmonics (%) 
LF, G, t  LF, GC  CF Harmonic order 
(mH) (pu) (mH) (pu) (μF) (pu) 
fres 
(Hz) 77 79 83 85 
0.703 0.067 0.711 0.068 69.418 0.072 1016 - 0.202 0.177 - 
1.379 0.132 1.379 0.132 20.153 0.021 1350 - 0.201 0.174 - 
Table 4.11 
Simulation results for the amplitude of the grid current harmonics 
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as the corresponding harmonic spectra are shown in Fig. 4-46. Obviously, the application of a 
higher filter resonance frequency leads to a lower amplitude of the converter current 
harmonics. However, the filter voltage drop increases because of the higher value of the total 
filter inductance. Consequently, the dc-link voltage reserve is reduced. The amplitudes of the 
converter current harmonics as well as the control reserve for both filters are presented in 
Table 4.12. According to (4-74), the maximum converter current ripple is 24.3% and 13.7% 
of the rated grid current for the filter with a resonance frequency of 1016 Hz and 1350 Hz. 
Transient performance 
As shown in Fig. 4-45, the converter current is measured and controlled by applying the 
capacitor voltages for decoupling and active damping. The transient performance of the 
Table 4.12 
Simulation results for the amplitude of the converter current harmonics and the control reserve 
LCL-Filter parameters and reactive components value 
Amplitude of 
converter current 
harmonics (%) 
 
LF, G, t  LF, GC  CF  Harmonic order 
(mH) (pu) (mH) (pu) (μF) (pu) 
fresr 
(Hz) 79 83 
Vdc, reserve 
(%) 
0.703 0.067 0.711 0.068 69.418 0.072 1016 5.848 5.679 7 
1.379 0.132 1.379 0.132 20.153 0.021 1350 3.245 3.121 4 
Fig. 4-46  Simulation results for the grid and the converter current waveforms and the 
corresponding harmonic spectra at steady state: (a) LF,G,t = 0.703 mH (0.067 pu), LF, GC = 0.711 
mH (0.068 pu), and CF = 69.418 μF (0.072 pu); (b) LF,G,t = 1.379 mH (0.132 pu), LF,GC = 1.379 
mH (0.132 pu),  and CF = 20.153 μF (0.021 pu), Ib,G = 99 A     
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current control loop is investigated for the designed filters in this section. The parameters of 
the current controllers are designed according to (4-84).  
The simulation results for a reference step of 1 pu (99 A) on the q-axis are presented in             
Fig. 4-47 (a) and (b) for LCL-filters with the resonance frequency of 1030 Hz and 1350 Hz, 
respectively. Waveform 1 shows the step response when there is no compensator in the active 
damping loop of Fig. 4-42. Furthermore, waveforms 2 and 3 show the step response of the 
current control loop with two different Lead-Lag designs of α = 4/3π and α = 2/3π 
respectively.  
It is remarkable that the current control loop is stable even without compensation. The 
application of the Lead-Lag compensator leads to a faster step response and lower current 
Fig. 4-48  Simulation results for the load disturbance rejection of the PWM active front end with
LCL-filter: (a) LF,G,t = 0.703 mH (0.067 pu), LF, GC = 0.711 mH (0.068 pu), and CF = 69.418 μF 
(0.072 pu); (b) LF,G,t = 1.379 mH (0.132 pu), LF,GC = 1.379 mH (0.132 pu), and CF = 20.153 μF 
(0.021 pu), Vdc,n = 700 V, Ib,G = 99 A     
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Fig. 4-47  Simulation results for the current controller performance: (a) LF,G,t = 0.703 mH 
(0.067 pu), LF, GC = 0.711 mH (0.068 pu), and CF = 69.418 μF (0.072 pu); (b) LF,G,t = 1.379 mH 
(0.132 pu), LF,GC = 1.379 mH (0.132 pu), and CF = 20.153 μF (0.021 pu), Ib,G = 99 A, 1: active 
damping without compensator, 2: active damping with Lead-Lag compensator and α = 4/3π, 3: 
active damping with Lead-Lag compensator and α = 2/3π  
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overshoot especially for the filter with the higher resonance frequency. The resonance 
frequency is far from the corner frequency of the current control loop in that case. As shown 
in Fig. 4-47, applying the Lead-Lag with stronger compensation leads to a better current step 
response but can cause noise amplification in the implementation. 
Fig. 4-48 shows the simulation results for the load disturbance rejection of the PWM active 
front end converter with the two LCL-filter designs. The nominal dc-link voltage is           
Vdc,n = 700 V. The converter is loaded with a rated load of about 49 kW, and the disturbance 
is rejected in about 30 ms. Direct and quadrature components of the converter current are 
limited to 1.5 pu in the control system. 
4.6.2 Experimental investigations 
The effectiveness of the designed LCL-Filters and the dynamic performance of the PWM 
active front end converter with LCL-filter are verified by experimental investigations in this 
section. The control structure shown in Fig. 4-45 is realized by using an ABB OPCoDe 
control platform  [133]. A picture of the LCL-filter of the PWM active front end converter test 
bench is given in Fig. 4-49. Passive damping (Rd in series with CF in Fig. 4-49) or active 
damping can be selected in the test bench to damp the LCL-filter resonance. The parameters 
of the grid and the grid side converter are given in Table 4.2. All parameters of the control 
system are similar to the corresponding values applied in the simulation in the previous 
section. The sampling frequencies of the PLL, current control loop, and the dc-link voltage 
control loop are 8.1 kHz (twice the switching frequency). A damping factor of aPLL =30 is 
used for the PI controller of PLL. The damping factors of the current and voltage control 
loops are assigned to acc = 3 and avc = 4, respectively. The converter switching frequency is 
Fig. 4-49  A picture of the LCL-filter of the test bench; LF,G: grid side inductor, LF,GC: inductor of 
the grid side converter; CF: filter capacitor; Rd: resistor for passive damping 
LF,G LF,GC 
Rd 
CF 
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4.05 kHz (mf = 81), and a PWM with asymmetrical regular sampling is used as modulator. 
The parameters and reactive components value of the LCL-filters are considered to be 
comparable to the parameters and reactive component values of the simulated LCL-filters. 
The following LCL-filters are used in the experimental investigations: 
1) L F ,G= 0.6 mH (0.057 pu), LF,GC = 0.6 mH (0.057 pu), CF= 88 μF (0.091 pu), fres =  980 Hz, 
2) L F,G = 1.2 mH (0.114 pu), LF, GC = 1.2 mH (0.114 pu), CF= 22 μF (0.023 pu),                    
fres =  1385 Hz. 
The filter capacitance tolerances are within ± 5%. Furthermore, a tolerance of -10% to -15% 
is specified for the filter inductance at the switching frequency of 4 kHz according to achieved 
measurements.   
Steady-state performance 
The measured grid and converter currents and the corresponding spectra for both filters at 
rated load and unity power factor conditions are presented in Fig. 4-50. The amplitude of the 
fundamental component of the grid current is 100 A. The grid line-to-line voltage and the dc-
link voltage are 400 V and 700 V, respectively. The filter capacitors voltages without Lead-
Lag compensator are used in the VOC and the active damping. As described in Section  4.4.6, 
low-order harmonics of the grid voltage leads to a distorted grid current with low-order 
harmonics. The influences of the line voltage distortion on the grid current are stronger in the 
case of the filter with the lower resonance frequency because of the lower filter total 
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Fig. 4-50  Experimental results for the grid and the converter currents and the corresponding 
harmonic spectra at steady state: (a) LF,G,t = 0.6 mH (0.057 pu), LF, GC = 0.6 mH (0.057 pu), and
CF = 88 μF (0.091 pu); (b) LF,G,t = 1.2 mH (0.114pu), LF,GC = 1.2 mH (0.114 pu),  and CF = 22 μF 
(0.021 pu), Ib,G = 99 A 
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inductance. Experimental results for the amplitudes of the major grid current harmonics of the 
first carrier band and the corresponding simulation results are presented in Table 4.13. A 
current monitor with a sensitivity of 0.1 Volt/Ampere +1/-0% is used to measure the current 
harmonics. The fundamental grid current component is filtered by applying a 4th-order 
Butterworth high-pass filter to enable precise current harmonics measurement.  
The main reason for the difference between the simulation and experimental results is the 
tolerance of the filter component values at the switching frequency.  
 
The PWM active front end converter with LCL-filter and a -10%-deviation of the component 
values given in Table 4.13 is simulated to investigate the effects of the component values 
variation. The simulation results are summarized in Table 4.14. Obviously, the simulation 
results are comparable to the experimental results given in Table 4.13. The drawbacks of the 
reactive component values deflection can be counterbalanced by choosing a properly desired 
amplitude of the (mf - 2)th grid current harmonic ,( -2), , %ˆ fG m desiredI  or by applying filter 
components with appropriate values regarding the eventual variations. 
 
Transient performance 
The experimental results for the step response of the current control loop of the PWM active 
front end converter with LCL-filter are presented in Fig. 4-51 for the above LCL-filters. The 
Table 4.13 
Simulation and experimental results for the amplitude of the grid current harmonics for two 
sets of LCL-Filters 
Amplitudes of grid current 
harmonic (%) 
Harmonic order  LCL-Filter parameters and reactive components value 
Simulation 
Results  
Experimental 
Results  
LF, G, t  LF, GC  CF  
(mH) (pu) (mH) (pu) (μF) (pu) 
fresr 
(Hz) 79 83 79 83 
0.6  0.057 0.6  0.057 88 0.091 980 0.2 0.175 0.25 0.205 
1.2 0.114 1.2 0.114 22 0.023 1385 0.235 0.204 0.304 0.254 
Table 4.14 
Simulation results for -10%-deviations of the filter component values for the LCL-Filters presented 
in Table 4.13  
LCL-Filter parameters and reactive components value Amplitudes of grid current harmonic (%) 
LF, G, t  LF, GC  CF  Harmonic order 
(mH) (pu) (mH) (pu) (μF) (pu) 
fresr 
(Hz) 79 83 
0.54 0.052 0.54 0.052 83.6 0.086 1059 0.258 0.227 
1.08 0.103 1.08 0.103 20.9 0.021 1498 0.314 0.271 
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performance of the current controller for a step of 99 A on the q-axis for the filters with 980 
Hz and 1385 Hz as resonance frequencies is presented in Fig. 4-51(a) and (b), respectively. 
The capacitor voltage feedback is considered to be without compensator for waveform 1, with 
a Lead-Lag compensator and α = 4/3π for waveform 2, and with a Lead-Lag compensator and 
α = 2/3π for waveform 3. The control system is stable without a compensator. The Lead-Lag 
compensator leads to a faster step response with lower overshoot especially if the resonance 
frequency is far from the corner frequency of the current controller. The current control loop 
features a rise time of about 1.5 ms and an overshoot of 20% for both filters if there is no 
compensator in the active damping loop. 
Fig. 4-52 shows the experimental results for the load disturbance rejection of the PWM active 
front end converter with the two LCL-filter designs. The nominal dc-link voltage is           
Vdc,n = 700 V. The converter is loaded with a rated load of about 49 kW, and the disturbance 
is rejected in about 30 ms. Direct and quadrature components of the converter current are 
limited to 1.5 pu in the control system. 
4.6.3 Robustness of the current control loop 
Variations in the grid structure and other parallel devices connected to PCC can lead to a 
deviation in the grid stray inductance LG. Due to the deviation of the grid stray inductance; the 
LCL-filter resonance frequency will be changed. As mentioned above, the filter resonance 
frequency should be in a range between ten times of the grid frequency and one-half of the 
carrier frequency in order to prevent a filter excitation by the converter voltage harmonics. 
The control system stability cannot be guaranteed if the grid stray inductance variations move 
the filter resonance frequency beyond the mentioned frequency range.  
As described in Subchapter  4.6, the parameters of the current controller depend only on the 
converter side inductor parameters. Therefore, in the case that the grid inductance variation 
does not lead to filter excitation by grid or converter harmonics, the performance of the 
current control loop will not be affected considerably by resonance frequency variations. 
However, due to the processing and PWM delays and consequently no ideal decoupling 
Fig. 4-51  Experimental results for the current controller performance of the PWM active front end 
with LCL/filter: (a) LF,G,t = 0.6 mH (0.057 pu), LF, GC = 0.6 mH (0.057 pu), and CF = 88 μF 
(0.091 pu); (b) LF,G,t = 1.2 mH (0.114 pu), LF,GC = 1.2 mH (0.114 pu), and CF = 22 μF (0.023 pu),
Ib,G = 99 A; 1: active damping without compensator, 2: active damping with Lead-Lag 
compensator and α = 4/3π, 3: active damping with Lead-Lag compensator and α = 2/3π 
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system, variations of the grid inductance could slightly change the behavior of the current 
control loop.   
The investigated PWM active front end converter with LCL-filter is applied to simulative and 
experimental investigations to examine the influence of the grid inductance variations on the 
current control loop performance. The parameters of the grid and the grid side converter are 
as presented in Table 4.2. The following LCL-filter is applied in the robustness evaluation of 
the control system: 
L F,G = 1.2 mH (0.114 pu), LF, GC = 1.2 mH (0.114 pu), CF = 22 μF (0.023 pu), fres =  1385 Hz. 
The grid side inductance of the LCL-filter is varied in simulation and experimental studies for 
+25% (L F,G = 1.5 mH (0.143 pu)) and -25% (L F,G = 0.9 mH (0.086 pu)). These new grid side 
inductances lead to new resonance frequencies of fres= 1314 Hz and fres= 1496 Hz, 
respectively. Both new resonance frequencies are in the range of ten times of the grid 
frequency and one-half of the carrier frequency (500 Hz < fres< 2000 Hz). The simulation and 
experimental results for the influence of the grid inductance variations on the step response of 
the current control loop are shown in Fig. 4-53 (a) and (b), respectively. Obviously, these   
±25%-deviations in the grid side converter do not lead to a significant change in the rise time 
and overshoot of the step response of the converter current. 
4.7 Summary 
PWM active front end converters are increasingly applied due to features such as bidirectional 
power flow, unity power factor, low distorted grid currents, and an adjustment of the 
converter dc-link voltage. Several control strategies like direct power control and voltage-
oriented control as well as virtual-flux-based sensorless methods are successfully applied to 
Fig. 4-52  Experimental results for load disturbance rejection of the PWM active front end with 
LCL filter: (a) LF,G,t = 0.6 mH (0.057 pu), LF, GC = 0.6 mH (0.057 pu), and CF = 88 μF (0.091 pu); 
(b) LF,G,t = 1.2 mH (0.114 pu),  LF,GC = 1.2 mH (0.114 pu), and CF = 22 μF (0.023 pu), Vdc,n = 700 
V,  Ib,G = 99 A    
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control the grid side active front end converters. Assuming symmetrical sinusoidal grid 
voltages and a constant dc-link voltage, the widely spread voltage-oriented controlled PWM 
active front end converters generate grid current  harmonics in carrier bands of n times the 
switching frequency, which are usually sufficiently damped by moderate inductive filters in 
industrial grids. 
However, the grid voltage at PCC is substantially distorted by the commutation of thyristors if 
PWM rectifiers and thyristor converters are operated in parallel. In this case, voltage-oriented 
controlled PWM rectifiers are not able to suppress low-order current harmonics (e.g. 5th and 
7th) if conventional state-of-the-art PI current controllers are applied.  
An iterative procedure to design L- and LCL-filters for active rectifiers has been proposed. 
The analytical expression of the converter voltage harmonics based on Bessel functions is 
applied to determine the filter parameters which enable a sufficient damping of the grid 
current harmonics (e.g. according to IEEE-519-1992).  
In the case of the LCL-filter, it is shown that LCL-filters with different parameters (fres,, r) and 
components (LF,GC, LF,G, CF) can cause identical attenuations of the grid current harmonics. 
Thus, various optimization criteria like minimum costs, weight, size, or stored energy of the 
passive components can be applied to determine optimal filter parameters. As an example, the 
stored energy as measure for the expense of passive components has been used to compare 
different filter designs and to derive optimal solution. The optimized filter of a 400V, 49kVA 
converter with a switching frequency of  about 4 kHz features a split factor of about 1 and a 
resonance frequency of about 1 kHz if the dc-link voltage is Vdc = 700 V. These filter 
parameters remain constant for different rated grid currents and line voltages when assuming 
a constant voltage reserve.  
The voltage oriented control including active damping is applied in the simulations and the 
experimental test bench. A simple design method on the basis of the modulation and 
processing delays for the required Lead-Lag compensator is proposed. Simulation and 
experimental results prove both, the accuracy of the proposed design procedure and an 
acceptable performance of the current control loop for different filter parameters. The 
Fig. 4-53  Robustness of the current control loop of the PWM active front end converter with 
LCL-filter against variation of the grid side inductance: (a) simulation results; (b) experimental 
results: LF,GC = 1.2 mH (0.114 pu), and CF = 22 μF (0.023 pu), 1: LF,G,t = 1.2 mH (0.114 pu); 2:
LF,G,t = 1.5 mH (0.143 pu); 3: LF,G,t = 0.9 mH (0.086 pu), Ib,G = 99 A     
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experimental investigations show that a reduction of the inductivity at high frequencies will 
reduce the effectiveness of LCL-filters. The drawbacks of the reactive component values 
deflection can be counterbalanced by choosing a properly desired amplitude of the (mf-2)th 
grid current harmonic ,( -2), , %ˆ fG m desiredI  in the LCL-filter design procedure. 
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Chapter 5 
Conclusions 
In this thesis, the control of a low voltage ac/dc/ac converter for high-speed induction motor 
drive (HSIMD) applications has been investigated. Such a configuration can be applied, for 
example, in microturbines and high-speed spindles. Scalar control is usually applied for the 
control of high-speed drives (HSDs) especially in the case of very high-speed drives          
(e.g. nsyn > 200,000 rpm). RFOC and DTC are designed and compared for the control of an 
exemplary HSIMD in this work. The 2L VSC is the most widely applied converter for HSDs. 
However, the 3L-NPC VSC is an attractive topology if drastically increased switching 
frequencies are required. In this thesis, a detailed comparison between 2L VSC and 3L-NPC 
VSC as the machine side converter of the exemplary HSIMD is carried out.  
VOC is applied for the control of the grid side converter. In several industrial applications 
PWM active front end converters commonly operate in parallel to thyristor converter fed dc 
drives. The behavior of the voltage-oriented controlled active front end converter with L-filter 
in the presence of a parallel thyristor converter is investigated in this thesis.  
The design of the LCL-filter components according to the given maximum current harmonics 
(e.g. IEEE-519) is a complex task. So far a precise and clear design procedure has not been 
presented. A new procedure to design the grid side filter (L- and LCL-filter) is proposed in 
this thesis to achieve the compliance with the grid standard of IEEE-519. VOC with active 
damping is used to control the active front end converter with LCL-filter. A simple method is 
proposed to design the required lead-lag compensator in the active damping loop. 
In an opening chapter state-of-the-art low voltage drives are investigated. Different parts of an 
industrial low voltage drive are described. State-of-the-art control strategies for the machine 
side and the grid side converter are introduced. Industrial applications of low voltage drives 
are briefly addressed. 
Characteristics and state-of-the-art of HSDs are presented in Chapter 2. Advantages, 
disadvantages, power, and speed range of HSDs are addressed. Furthermore, state-of-the-art 
technology of HSDs regarding electric machines, converter, and control are summarized.  
In Chapter 3 RFOC and DTC are designed and investigated for the control of an exemplary 
HSIMD (VS,ll,n = 400 V,  IS,n = 38.25 A, Pmech,n = 20 kW, f0M = 500 Hz). Furthermore, design 
and comparison of 2L VSC and 3L-NPC VSC for the HSIMD is presented in this chapter.   
A comparison among different methods of FOC of IMs is presented in Section 3.4.1. Indirect 
RFOC is preferred compared to SFOC and MFOC control due to the features like relative 
simple structure and linear torque-slip characteristic at steady-state. A detailed description of 
the indirect RFOC and the procedure of the controller design for the HSIMD are given in 
Section 3.4.2. RFOC is implemented with SRS-PWM (fs,cc =fsw) and ARS-PWM (fs,cc =2fsw).  
DTC and the design procedure of the control system parameters for the HSIMD are briefly 
described in Section 3.5. Subchapter 3.6 presents a comparison between indirect RFOC and 
DTC for the exemplary HSIMD. A switching frequency of 11.5 kHz (mf = 23) is applied for 
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the RFOC. The electromechanical torque with the given frequency ratio is equal to THDTem ≈ 
20 % for RFOC with both SRS-PWM (fs,cc = 11.5 kHz) and ARS-PWM (fs,cc = 23 kHz).  
The sampling frequency of the torque and flux control loop for DTC is determined to 230 kHz 
to realize a comparable torque THD of THDTem ≈ 20 %. In this case, the average switching 
frequency of DTC is 11.53 kHz.  
For the applied sampling frequencies for RFOC (fs,cc = 11.5 kHz for SRS-PWM and fs,cc = 23 
kHz for ARS-PWM) and DTC ( fs,DTC = 230 kHz), the DTC features the best load disturbance 
rejection capability with a disturbance rejection time of 0.5 ms. RFOC with ARS-PWM and 
SRS-PWM realize a disturbance rejection time of 1.5 ms and 3.5 ms, respectively.  
Spectrum analysis of the electromechanical torque for the DTC shows low order harmonics 
while the RFOC causes well defined torque spectrum with harmonics at switching frequency 
and times of the switching frequency.   
The main advantage of the DTC is the excellent dynamic performance which is not essential 
in most of the high-speed drive applications. A significantly higher sampling frequency and 
consequently the requirement of an expensive control platform are the disadvantages of DTC 
for HSDs. Furthermore, a large LC-filter is required to damp the low order harmonics of the 
electromechanical torque. 
RFOC features a good dynamic performance for HSIMDs with a lower sampling frequency 
compared to DTC. Therefore, simpler control platforms can be applied. Due to the well 
defined behaviour of PWM in RFOC, a smaller LC-filter is required to reduce the THD of the 
electromechanical torque. Hence, the RFOC is more suitable for the control of HSIMDs.        
A detailed comparison between the 2L VSC and the 3L-NPC VSC for the exemplary HSIMD 
with RFOC is presented in Subchapter 3.7. The investigations carried out within this thesis 
demonstrate that in the same carrier frequency of 11.5 kHz for the HSIM the power losses of 
the 3L-NPC VSC is about  50% lower than the power loss of the 2L VSC with a comparable 
installed switch power. Torque THD of the HSIMD fed by the 2L VSC is almost twice the 
Torque THD of the HSIMD fed by the 3L-NPC VSC.  If the switching frequency of the 2L 
VSC is increased so that both converters generate comparable torque THD (e.g. THDTem = 
10.7 %), the semiconductor power losses of the 2L VSC is about 166% larger than that of the 
3L-NPC VSC. In this case, the installed switch power of the 2L VSC is twice the installed 
switch power of the 3L-NPC VSC.    
In Chapter 4, control of PWM active front end converters and design of the grid side filter are 
investigated. A brief comparison among different control strategies of active front end 
converters is presented. VOC is selected for the control of the grid side converter due to 
advantages like constant switching frequency which leads to a smaller grid side filter to meet 
the IEEE-519 limits.  
VOC is designed in detail in Subchapter 4.4 and well comparable simulation and 
experimental results are presented for the dynamic and steady-state performance.  
Assuming symmetrical sinusoidal grid voltages and a constant dc-link voltage, the widely 
spread voltage-oriented controlled PWM active front end converters generate grid current 
harmonics in carrier bands of n times the switching frequency, which are usually sufficiently 
damped by moderate inductive filters in industrial grids. However, the grid voltage at the PCC 
is substantially distorted by the commutation of thyristors if the PWM active front end 
converters and thyristor converters are operated in parallel. The influence of the grid voltage 
distortions on the steady-state performance of VOC is presented in Section 4.4.6. In the case 
CONCLUSIONS                                                                                                                                                                         163 
of a grid with distorted voltage, VOC is not able to suppress low-order current harmonics (e.g. 
5th and 7th) if conventional state-of-the-art PI current controllers are applied. The use of 
faster PI current controllers decreases the lower current harmonics (e.g. 5th and 7th) but 
increases the higher current harmonics (e.g. >11th). An increase in the filter inductor leads to 
a significant damping of all current harmonics between grid and switching frequency. 
However, additional costs, size, and weight of an increased inductor as well as the limitation 
of the maximum dc-link voltage and the dynamic performance prevent the use of large filter 
inductors. Obviously, the application of control schemes like individual harmonic control, 
overriding current controller, and multi-resonant current controllers, which are able to 
suppress harmonic currents at distorted grids, is the most attractive solution if sinusoidal grid 
currents are required in industrial applications where thyristor converters operate in parallel to 
self-commutated PWM active front end converters.   
A new design procedure of the grid side filters (L- and LCL-filter) to meet the IEEE-519 
limits is presented in Subchapter 4.5. An analytical method based on the most significant 
voltage harmonic of the converter output voltage is used to design the L-filter. The simulation 
results show that a high switching frequency is required to meet the IEEE-519 conditions 
when using an L-filter. As an example, for a PWM active front end converter with a grid rms 
line-to-line voltage of Gall = 400 V and a dc-link voltage of Vdc=700 V, a switching frequency 
of fsw=24.3 kHz is required to limit the grid current harmonics to 0.2% of the rated current 
when using an L-filter with an inductance of 2.1%.  
Therefore, the application of an LCL-filter can be an attractive alternative to damp the grid 
current harmonics. The analytical expression of the converter voltage harmonics is also 
applied to the development of an iterative design procedure for LCL-filters under 
consideration of the IEEE-519 limitations as well as the required control reserve. It is shown 
that the LCL-filters with different parameters (inductance split factor and resonance 
frequency) and various reactive components values can lead to the same damping of the grid 
harmonics.        
Thus, various optimization criteria like minimum costs, weight, size, or stored energy of the 
passive components can be applied to determine optimal filter parameters. As an example, the 
stored energy as measure for the expense of passive components was used to compare 
different filter designs and to derive an optimal solution. The optimized filter of a 400V, 
50kVA converter with a switching frequency of about 4 kHz features a split factor of about 1 
and a resonance frequency of about 1 kHz. These filter parameters remain constant for 
different rated grid currents and line voltages when assuming a constant voltage reserve. 
In Subchapter 4.6, control of the PWM active front end converter with LCL-filter is 
investigated. VOC with active damping is applied as the control strategy. Voltages of the 
filter capacitors are used in the active damping. Lead-lag compensators are applied to improve 
the transient performance. A simple design method on the basis of the modulation and 
processing delays for the required lead-lag compensator is proposed. 
The simulation results validate the accuracy of the proposed LCL-filter designed procedure. 
Experimental investigations of the active front end converter with LCL-filter are also carried 
out. Experimental results for the dynamic performance are well comparable with simulation 
results. The experimental investigations show that a reduction of the inductivity at high 
frequencies will reduce the effectiveness of LCL-filters.   
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